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Abstract

This study is to maintain and extend the power standards at National Physical Laboratory (NPL)
in the United Kingdom. The calibration service of microwave power sensors at high frequencies
is endangered because a limited number of traceable waveguide power sensors is available at
50 GHz and above. In this thesis, the technologies of sensing microwave power in waveguides
are reviewed, and the bolometric power sensor is investigated further, as its principle is suitable
for the traceability requirement at NPL. The conventional design technique of bolometric sensor
based on transmission line theory is generalised and two power sensor designs are introduced.
The X-band sensor was fabricated, measured at the University of Birmingham and calibrated
at NPL. Excellent linearity and high effective efficiency of the design was obtained. The high
frequency power sensor designs based on the proposed technique can be scalable to 300 GHz
and above, and a W-band sensor is introduced as an example. In order to add more flexibility
in selecting frequency and bandwidth, a novel design of microwave power sensor with
integrated filter function is described. An analytical power sensor synthesis technique using
coupling matrix is presented for the first time. An X-band power sensor with integrated third
order Chebyshev filter function was designed and manufactured. Experiential measurements in
Birmingham and NPL are in good agreement with simulation and theoretical expectation.
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Chapter 1
Introduction

1.1.

Thesis Motivation

The utilisation of the millimetre wave range of the electromagnetic spectrum from 30 GHz to
300 GHz has been significantly increased in recent years. It has been reported in a wide range
of applications such as climate and space research [1-3], remote sensing [4], spectroscopy [5],
biology and medicine [6], security instruments [7], short range communication [8], etc.
Advantages of higher frequency applications are: higher data transfer rates (due to increase
absolute available bandwidth), miniaturisation (circuit, waveguide, antennas) and higher
resolution in case of imaging and radar applications.
The approval of safety, quality and performance of the mentioned applications depends directly
on the availability of measurement capabilities such as vector network analysis, spectrum
analysis and signal power measurement. Research and development of millimetre wave system
also require sufficient supporting measurements where power is one of the primary
measurements. For low frequency operation, it is customary to measure voltage and current
instead of power. In radio frequency region (30 MHz - 3 GHz), both power and voltage
measurement are common. However, power is considered more meaningful, since the
definition of power is independent of the characteristic impedance of the transmission line,
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whereas voltage is meaningless without the specification of the line impedance, for example in
waveguide transmission line the characteristic impedance can be defined in different ways.
Additionally, voltage and current can vary with position along a lossless transmission line,
whereas the average power maintains a constant value with position. In microwave region
(3 GHz – 300 GHz), it is extremely difficult to make an accurate voltage determination.
Therefore, the measurement of power is of primary concern [9].
It is critical for scientific and industrial research and development that power measurements
can be duplicated at different times and places. As a result, the common agreement to the
standard Watt (W) in the International System of Units (SI) has been established. National
reference standards in the form of micro-calorimeters for different frequency bands have been
developed. The national reference standards are available in a few National Measurement
Institutes (MNIs) such as National Physical Laboratory (NPL) in the United Kingdom and
National Institute of Standard and Technology (NIST) in the United States [10, 11]. Microwave
power sensors should be referenced back to the national standards, the measurement by the
instruments is said to be traceable.

Figure 1.1:

The traceability path of power references [12].
2|Page

The traceability path for a power sensor is shown in Figure 1.1. At each echelon, several power
standards are maintained for the frequency bands of interest. The power sensors are periodically
recalibrated by the next higher standard. At a lower level than working standards, the calibration
can be performed by accredited laboratories. The cost of calibration tends to be greatest at
national level and reduces at each lower level. Each level along the traceability path adds some
measurement uncertainty which is strictly regulated by NMIs and accredited laboratories [13].
High frequency (HF) power traceability needs to be maintained across the developed
electromagnetic spectrum and also established at higher frequencies for future applications.
Microwave power, in the range of 50 GHz to 300 GHz, is one of the millimetre wave quantities
that cannot be measured with confidence due to lack of traceability to the SI unit. Furthermore,
in order to verify HF radiation safety limits, there is a need for traceability of power-related
quantities such as power flux density, electric and magnetic field strength. Technically, these
quantities are directly traced to HF power. Therefore, lack of power measurement traceability
will directly result in the inability to enforce importance safety legislation [14].
In order to provide traceability of high frequency power, two basic building blocks are needed,
one is traceable microwave power transfer sensors and the second is calorimeters to calibrate
the former [15]. This is shown in Figure 1.2. The calibration of commercial sensors directly
results from the availability of calibrated transfer standard sensor and the technique to compare
the standards to the commercial sensors. Standard power sensors have been developed for two
transmission line systems: coaxial lines or rectangular waveguides.
The coaxial calorimeter and power standards of this type are available at NPL up to 50 GHz
[16]. For the higher frequencies, direct comparison setups using waveguide transfer sensors as
calibration standard are currently applied to calibrate commercial coaxial sensor [17]. The
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traceable measurement capability in the coaxial line system is currently available in some
European NMIs and a few accredited calibration laboratories for frequency up to 67 GHz [14].

Figure 1.2:

Calibration and traceability of high frequency power (taken from [14])

In waveguide, micro-calorimeters up to 110 GHz have been developed by NPL [18, 19]. It is
also known that several national measurement institutes, such as in Japan [20-23] and in China
[24-26], are actively developing their own micro-calorimeters up to and above 110 GHz to
support domestic industrial and scientific measurement requirements. The transfer standards of
micro-calorimeter calibration is based on waveguide thermistor power sensors manufactured
by Hughes and subsequently by Millitech [24, 27]. The continuation of the calibration service
in the United Kingdom beyond 50 GHz is endangered because the production of the thermistor
sensors stopped in the 1990s and sensors above 110 GHz are extremely rare [19].
Modern commercial HF power sensors are currently available up to 110 GHz (coaxial) and
1.1 THz (waveguide), but they are not suitable as direct traceable transfer standards. Their
detection principle, based on rectification or direct heating effect of a thermocouple, is
incompatible with the existing calorimetric method. In the past, a millimetre wave power
standard for WR-6 waveguide band has been developed [28, 29], but a detailed uncertainty
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calculation towards traceability has not been published. A traceable power sensor at 94 GHz
was developed at Queen Mary College, University of London in 1980s under a contract from
NPL [30]. The sensor is commercially available but it is not suited to making measurements of
power in waveguide [19].
This project is a collaboration between the University of Birmingham and National Physical
Laboratory. The aim is to maintain and extend the existing traceable microwave power
measurement capability by designing transfer power sensor not only at high frequencies
(> 110 GHz) but also at lower frequencies, filling the gap left by the discontinued production
of commercial thermistor sensors in waveguide frequency bands.
In the thesis, two design techniques of traceable microwave power sensors are presented. The
first design is based on Transmission line theory, the mathematics and design process are fully
described here for the first time. The second design technique is a novel design based on
coupling matric synthesis. The power sensor can be designed in the same manner as the
microwave filter design. The techniques are validated by the design of power sensors in X-band
waveguide. The sensors are fabricated and measured, the experimental results are in good
agreement with simulation and theoretical expectation. The design and fabrication techniques
for high frequency sensors up to 300 GHz are discussed in this work.
1.2.

Thesis Overview

The following work is organised into 6 chapters.
Chapter 2 describes the basic knowledge and background of microwave power measurement.
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Chapter 3 presents the conventional power sensor design based on Transmission line theory.
The chapter introduces the derivation of rectangular waveguide transmission line, and its
application to find the matching in waveguide sensor.
Two design examples of conventional waveguide power sensor are introduced in Chapter 4 and
Chapter 5. The two designs utilise different sensing elements at different frequencies. The
problems of modelling the sensing element in electromagnetic simulator such as CST are
addressed and the solutions are then proposed. Chapter 4 describes the fabrication and
measurements of an X-band power sensor. The W-band sensor design presented in Chapter 5
is a promising design as it can be scaled to work up to 300 GHz.
Chapter 6 presents a novel design approach in which the conventional power sensor is
integrated with a microwave filter. In this chapter, the design of microwave filter-sensor based
on coupling matrices is presented. The coupling matrix of narrow band filter is modified to
integrate the power sensor. In order to provide experimental verification of the design approach,
the design, fabrication and measurements of an X-band sensor with integrated third order
Chebyshev filter function are described.
Conclusions and future work of the thesis are included in Chapter 7.
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Chapter 2
Review of Microwave Power Measurement

The chapter covers the fundamentals of microwave power measurement beginning with
definitions, basic concepts and terminologies. It also addresses the main focus of the thesis in
the vast field of microwave power measurement. Different techniques of detecting microwave
power are discussed. The appropriate technology for a transfer power standard is described in
further detail. The important components and operation of the bolometric sensor are reviewed.

2.1.

Microwave Power

The term “microwave” is typically used for frequencies between 3 GHz and 300 GHz, with a
corresponding electrical wavelength between λ = c/f = 10 cm and λ = 1 mm, respectively.,where
c is the speed of light in vacuum and f is the frequency. Signals with wavelengths on the order
of millimetres are often referred to as millimetre waves [1].
Power is the rate at which energy is transferred, used or transformed [2]. The instantaneous
microwave power of an electromagnetic field can be defined as [3].

P(t ) 

1
E (t )  H (t)dS
2

(2.1)
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where E  t  and H  t  are the electric and magnetic fields at a time t and S is the surface over
which the power is being measured. In a transmission line, the power can be written by [1].

P(t )  V (t )  I (t )

(2.2)

where V and I are the voltage and current on the line. In practice, the instantaneous voltage,
current and the field distributions cannot be easily measured. Therefore, microwave power is
often derived by substitution techniques or by rectification, which is discussed in more detail
in the following section.
The SI unit of power is Watt (W) where 1W = 1kgm2s-3. For the convenience in presentation
and calculation, the power ratio is often expressed in decibels (dB).
 Power level 1 
Power(dB)  10log 

 Power level 2 

(2.3)

Power in dBm is defined as the ratio with respect to 1 mW, that is
 Power 
Power(dBm)=10log 

 1 mW 

(2.4)

The range of microwave power can be categorised in to three groups: high power (greater than
1W), medium power (10 mW to 1W) and low level (less than 10 mW) [4]. The techniques and
equipment of power measurement for different power levels vary significantly. This thesis
mainly deals with low level microwave power.
In terms of the power measurement, there are many power quantities that can be defined when
looking at sinusoidal or other complex periodic waveforms. Figure 2.1 shows an example of a
pulsed waveform, in which there are a number of power measurement that can be performed
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such as average power, peak power. The type of power must be determined prior to the
measurement to avoid confusion and incompatible results [5]. The most common definitions of
microwave power in measurement are average power, pulse power and peak or peak envelope
power.

Figure 2.1:

GSM pulse specification (taken from [6])

The average power and pulse power are both time-averaged values. The average power can be
obtained by averaging the instantaneous power over a long period of time, which is very large
compared to the duration of a single pulse and the time interval between successive pulses [4].
For example, the instantaneous power of continuous-waves (CW) are combined by a d-c
component and a varying component at twice the frequency of the wave, the average power of
the sinusoidal wave is the d-c component which does not vary with time.
The pulse power can be obtained by averaging the power measured over the duration of a single
pulse or pulse width τ. The pulse power has been widely used in radar applications [7]. The
pulse width is generally considered to be the time between the half-amplitude points on the
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rising and falling side of the pulse. Figure 2.2 shows a rectangular pulse with the pulse width τ
and the period T, the pulse power Ppulse indicates the power averaged within the pulse duration
and therefore has a greater amplitude than the average power. A power measurement often
determines the average power, but the pulse power can be calculated from the average power
as [5].

Ppulse 

Figure 2.2:

T



Paverage

(2.5)

A rectangular pulse response with the pulse width τ and the period T.

The last category of microwave power is peak or peak envelope power, which is mainly seen
in the measurement of modulated signals. Peak power is referred to the highest power point in
the pulse such as the rise time overshoot as shown in Figure 2.1. Certainly more sophisticated
measurement is required to determine the peak power [5].
In general, if the pulse shape or the power distribution is known, the pulse and peak envelope
power can often be obtained from the average power [8]. This thesis concentrates on
determining the average power of CW signals.
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2.2.

Microwave Power Measurement

This section discusses microwave power measurement in general. Important components and
terminologies in the measurement are introduced. The requirements of the measurement
equipment are discussed.
The name ‘power detector’ and ‘power sensor’ are usually used interchangeability. For clarity
in this thesis, a power detector is referred as a combination of a power sensor and a power
meter.
The goal of a power measurement is to characterise the unknown power from some source, for
example a generator or an oscillator. The source is often separated from the point of
measurement by such components as transmission lines, couplers, amplifiers, etc. It is
convenient to consider the equivalent generator output to be the port that is connected to the
power sensor. Figure 2.3(a) presents a general power measurement setup, in which the power
sensor is attached directly to the output of the generator. The incident power from the output to
the power sensor Pi is different from the power generated at the source Pg due to the non-zero
reflection coefficient Γg of the generator. Also, the total of the dissipated power in the sensor
(or load) Pd and the reflected power Pr from the sensor, due to the reflection coefficient Γl of
the load, should be equal to the incident power Pi, that is
Pi  Pd  Pr

(2.6)

The power meter is the auxiliary circuit to measure the dissipated power Pd, giving the measured
power Pmeas. The measured power Pmeas is then corrected in order to provide the power reading
Prdg which should be equal to the incident power Pi to the sensor. It should be noted that the
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measured power Pmeas is not often equal to the dissipated power Pd in the sensor; this will be
discussed latter in the chapter. The discussion on power meters can be found in section 2.4.3.

Figure 2.3:

(a) The power measurement setup in which a power sensor is connected directly

to the output of the generator; (b) the signal flow graph of the measurement setup [9].
It is convenient to analyse the power flow between the generator and the sensor in Figure 2.3(a)
by an equivalent signal flow-graph in Figure 2.3(b). The variables a and b are proportional to
the voltage of the incident wave and the reflected wave, respectively. The subscript l is for the
sensor variables, and the generator variable is denoted by subscript g. The variable bs presents
the wave which is internally generated by the generator. The quantities of the variables are
normalised so that the relationship between them and the powers can be expressed by the
following equations
Pi  al

2

(2.7a)

Pr  bl

2

(2.7b)

Pg  bs

2

(2.7c)
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The signal flow graph shows the effect of mismatch at both the generator and the sensor. The
incident wave to the sensor is reflected back to the generator. The reflected wave is then rereflected and combines with the power created by the source to generate a new incident wave.
The process continues until the convergence happens. The incident wave to the sensor can be
written as
(2.8)

al  bg  bs   g ag

The reflected wave from the sensor is
(2.9)

bl   l al  ag

Solving the equation 2.8 and 2.9 for the powers in equation 2.7, we have

Pi  Pg

Pr  Pg

1
1  g l

l

2

(2.10a)

2

(2.10b)

2

1  g l

Hence, the dissipated power in the sensor is

Pd  Pi  Pr  Pg

1  l

2

1  g l

2

(2.11)

If the sensor reflection coefficient Γl is zero or is impedance matched, the power dissipated in
the sensor will be equal to the power generated by the source which is also equal to the incident
power Pi to the sensor.
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PZ0  Pd

 l 0

 Pg  P i

(2.12)

There also is a second case of interest when Γl = Γg*, meaning the reflection coefficient looking
toward the sensor is the complex conjugate of the reflection coefficient looking toward the
generator. The dissipated power in this case is

Pav  Pd

 l   g



Pg
1  g

2

(2.13)

The second case is called conjugate matching. It can be easily seen that the dissipated power in
the case of conjugate matching is greater than the power created by the generator, the power is
defined as the maximum available power Pav [9].
It should be noted that although the magnitudes of the reflection coefficient of the sensor and
the generator can be measured or specified, whereas the determination of the phases is often
omitted [10]. In practice, the impedance matching condition is mostly used because it can
provide the true generated power of the source and the measurement does not depend on the
corrections of Γl and Γg. As a result, zero reflection coefficient sensor is the main challenge in
the power sensor design.
When a non-matching condition happens, the generated power can be calculated from the
incident power by equation 2.10a as

Pg  Pi 1   g  l

2

(2.14)

The reading Prdg from the power meter should be always equal to the incident power Pi, hence
the source power can be obtained from the reading as
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Pg  Prdg 1   g  l

2

(2.15)

Equation 2.15 shows the determination of the source power from the output of the power meter.
However, the equation cannot be exactly calculated because of the lack of phase information
of Γl and Γg [9]. On the other hand, its maximum and minimum values can be obtained by the
magnitudes of the reflection coefficient as follows



Pg  Prdg 1   g  l



2

(2.16)

For small mismatch such as |Γg||Γl| less than 2%, equation 2.16 can be approximated as
Pg  Prdg  2Prdg  g  l

(2.17)

The second term of equation 2.17 indicates the mismatch uncertainty of 200|Γg||Γl|% when
making a power measurement [6]. Note that the mismatch uncertainty contributes for 50% of
the total error in power measurements that also explains why zero reflection coefficient is
desired. In the next section, the techniques of realising the microwave power sensors are
discussed.

2.3.

Techniques of Sensing Microwave Power

There are a variety of power sensor technologies for detecting and characterizing microwave
power. As discussed in section 2.1, the determination of microwave power from the
fundamental definitions is not feasible. The measurement, therefore, can be done by
transforming the microwave power to such quantities as d-c voltage (or current) and
temperature [11], electro-mechanical force[12, 13], and Hall effect [14, 15] which can be easily
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quantified. The first technique based on rectification or heating effect are suitable for scaling to
millimetre wavelengths and are widely used in microwave power measurement [16]. In general,
there are three popular types of power sensors, using the techniques namely, diode sensors,
thermoelectric sensors and bolometric sensors [10]. The diode sensors are based on the
rectification characteristic and the last two sensors are thermal sensors. The following sections
provide detail of the principle and the application of each power sensor type.

2.3.1. Diode sensors
The principle of diode detectors is based on the rectification properties of the p-n junction which
can convert a-c signals to d-c signals. The low barrier Schottky diode is widely used as they are
very rugged and consistent from diode to diode at microwave frequencies [10]. The i-v
characteristic of the Schottky diode can be written by the diode law [17]
(2.18)

i  I s (e v  1)

where i is the diode current, v is the voltage across the diode, Is is the saturation current and
α = q/nKT. K is the Bolzmann’s constant, T is the absolute temperature, q is the charge of an
electron and n is a correction constant (n is usually equal to 1.1 for the devices in the power
sensing application) [10]. The nonlinear current-voltage curve of a Schottky diode is shown in
Figure 2.4(a). For low level of voltage, equation 2.18 can be mathematically expanded.
2
3


 v   v 

i  Is  v 

 ... 


2!
3!



(2.19)
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Figure 2.4:

(a) The junction rectifying characteristic of a low barrier Schottky diode,

showing the small signal, square law characteristic around the origin; (b) circuit diagram of a
source and a diode detector with matching resistor [10].
The second and other even order terms of the series provide the rectification. For small signals,
the second term is significant so that the diode is operating in the square-law region. In that
region, the output i is proportional to microwave input voltage squared. A typical low barrier
Schottky diode requires a microwave signal of -20 dBm to overcome the 0.3 V junction voltage
[5]. Therefore, the square law operation is suitable for signals with the maximum power
of -20 dBm.
Figure 2.4(b) shows a simplified circuit diagram of an unbiased diode device for detecting low
level r-f and microwave signal. The matching resistor Rmatching acts as the termination for the
microwave source. The diode rectifies microwave voltage to d-c voltage, and the bypass
capacitor Cb is used to remove any microwave signal that leaks through the diode. The design
would detect the signal from the noise level of -70 dBm to about -20 dBm [5]. Diode detectors
can offer sensitivity and a large dynamic range, they can substitute the thermal sensors within
their square-law regions. However, if the incident signal power has spikes which exceed the
square-law range, data errors will occur.
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The diode technology can also be used to measure peak or peak envelop power due to the fast
response characteristic. Modern peak and average diode sensors can operate in a wider dynamic
range compared to the previous diode technology. In general, diode sensor technologies are the
ideal solution for characterizing pulse waveform envelopes or complex time-dependent
signals [10].

2.3.2. Thermoelectric sensors
Thermoelectric sensors are based on the principle of the thermocouples. A metal rod with
different temperatures at the two ends can generate a voltage called Thomson electromotive
force due to the diffusion of electrons from their parent atoms [18]. The same principle applies
at a junction of dissimilar metals where different free electron densities in the two metals give
rise to diffusion and an electromotive force. The output voltage of thermocouple is the total of
several thermoelectric voltages generated along the two-metal circuit as shown in Figure 2.5(a).

Figure 2.5:

(a) the thermocouple consisting of two different metals [10]; (b) the simplified

diagram of a thermocouple detector (taken from [5]).
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Figure 2.5(b) show a basic circuit of a thermoelectric detector. The termination is heated up by
the incident microwave power. The heat energy is transferred to the thermal couple, a hot
junction is then created. The voltage, generated by the thermocouple, can be used to determine
the amount of microwave power applied.
The determination of power by thermocouples exhibits high sensitivity with a square-law
detection characteristic. The dynamic range of the thermoelectric sensors is from-35 dBm to
+20 dBm [10]. Since the thermocouples are heat-based, they are used to measure the average
power.

2.3.3. Bolometric sensors
The last category discussed here is bolometric sensor which has a historically important position
in r-f and microwave power measurements as it is a true average power sensor. This type of
sensors is linear, sensitive, accurate and very robust. The functional diagram of a typical
bolometer and its auxiliary circuit is shown in Figure 2.6.

Figure 2.6:

Functional diagram of a bolometric sensor and its power meter [5]
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Bolometers were first developed to measure the infrared power and are now widely used in
microwave power measurements [19] . The sensing element of the bolometer is capable of
dissipating the incident microwave power and then turning the heat into a change in resistance
[4, 20, 21]. By measuring the change in resistance, the amount of applied microwave power can
be determined. In other words, the determination of microwave power is replaced by a d-c
measurement. The substitution of the microwave power to the d-c power is performed by the
meter circuit which is discussed in more details in section 2.4.3.
Historically, there are two popular types of bolometer, namely, barretters and thermistors. A
barretter is an appropriately mounted short length of a very fine thin wire, usually platinum,
with its length and diameter giving suitable resistance. As the resistance increases when the
barretter experiences the rise in temperature, the barretter is said to have positive temperature
coefficient (PTC). A thermistor, as the name suggests, is an electronic component in which the
resistance changes with its body’s temperature. A thermistor can have either positive
temperature coefficient (PTC) or negative temperature coefficient (NTC), both types are ideal
for sensor applications. In microwave measurement, NTC thermistors are preferred over
barretters, because they can offer smaller sizes and better power handling [22].
Bolometric sensors are the most common type of detectors in the range of -10 dBm to +10 dBm.
Their sensitivity, in Ohm per milliwatt, is independent of frequency [4].

2.3.4. Discussion on measurement techniques
Each type of the above sensors has its strengths and weaknesses. The diode technology can
offer a widest dynamic range of 1 nW to 100 mW, and diode coaxial sensors are available up
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to 50 GHz [6] and up to 1.1 THz for wave guide sensor as reported by Erickson power sensor.
The thermoelectric sensors have slightly higher accuracy over a smaller power range from
1 µW to 100 mW, the coaxial type of this sensor is available up to 110 GHz and the commercial
waveguide thermoelectric sensor can work up to 260 GHz [23]. The bolometric power sensor
has the smallest range from 10 µW to 10 mW, this type of sensor has been reported in the
coaxial and waveguide design up to 140 GHz [24].
Power measurements with thermocouples and Schottky diodes are called open-loop, since there
is no feedback to correct for different sensitivities due to aging or temperature, or the differences
between sensors [10]. As a result, the output voltages of the sensors could be different for the
same r-f or microwave power. The problem can be solved by incorporating power reference
oscillator whose output power is controlled very accurately. However, the reference power
requires a special injection configuration i.e. waveguide to coax adapter, which can increase
the overall reflection coefficient of the sensor and increase the uncertainty in the measurement
[8].
On the other hand, the measurement with bolometric sensor and its meter circuit is closed-loop,
as the change in resistance of the sensing element in Figure 2.6 triggers the feedback signal to
the r-f to d-c power substitution so that the resistance is kept constant. The close-loop
measurement is discussed in more detail in section 2.4.3 The power detection principle, rather
than rectifying diode or direct heating of thermocouple, is compatible with existing calorimetric
methods [25]. In the next section, the bolometric sensors are discussed in greater detail as they
are the sensor of choice for the power transfer standards and the work in this thesis.
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2.4.

Bolometric Sensors for Microwave Power Measurement

The structure of the bolometric sensor can be seen in Figure 2.6. The important components of
the sensor type including the sensing element and the accommodating structure of the bolometer
element are discussed further in this section. The meter circuits are presented and the operation
of the sensor is described. Finally, the calibration of the bolometric sensor is also introduced.

2.4.1. The sensing elements
As briefly discussed in section 2.3.3, the bolometer element is a temperature sensitive resistor.
There are two major categories of the resistor, namely Negative Temperature Coefficient (NTC)
and Positive Temperature Coefficient (PTC). Traditionally, thermistor is referred to the first
group and the second group is often known by the name of barretter.

Negative Temperature Coefficient (NTC) thermistor
The NTC thermistors consist of a polycrystalline sintered ceramic made from the mixture of
metal oxides such as manganese, nickel, cobalt, iron, copper and titanium [22, 23, 26-29]. In
term of construction, commercial NTC thermistor can be categorized into two groups, namely,
bead type thermistor (i.e. bare beads, glass coated beads, ruggedized bead, miniature glass bead,
glass probes, glass rods, bead-in-glass enclosure) and metallized surface contacts for surface
mounting (i.e. disks, chips, surface mount, flakes, rods, washers) [30]. In microwave power
measurement, the bead type thermistors are commonly used.
In general, the resistance of NTC thermistor can be expressed by Steinhart-Hart equation [31].
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  1 1 
RT  R0 exp  B    
  T T0  

(2.20)

where RT is the resistance of the thermistor at the body temperature T (K), R0 is the resistance
at the nominal operating temperature T0 (K), B constant of a commercial thermistor is often
about 2000-5000 K [29, 32, 33].

The temperature sensitivity coefficient α can be obtained by differentiating equation 2.20 [29]



1 dR
B
 2
R dT
T

(2.21)

The negative sensitivity coefficient indicates the decrease in the thermistor resistance with the
rise in temperature.
Another characteristic of thermistor can be described by the thermal dissipation constant δ.
When the dissipated power P is spent to rise the thermistor’s temperature from ambient
temperature T0 to temperature T, the dissipation constant is given by [34].



P
T  T0

(2.22)

Equation 2.20 can be re-written by substituting T from equation 2.22 to present the relationship
between the thermistor resistance RP and the dissipated power P as [4]

 B 
RP  J exp 

 T0   P 

(2.23)

where J = R0exp(-B/T0).
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The sensitivity of the devices, expressed in Ohm per milliwatt, is of interest. The sensitivity of
a thermistor sensor is defined as the rate of change in resistance with respect to the change in
the applied power. Mathematically, it can be written as

δR δR δP


δP δT δT

(2.24)

The first term of the equation can be obtained by differentiating equation 2.20, and the second
term is approximately equal to the dissipation constant in equation 2.22. Sensor sensitivity is
indicated from the curve of d-c resistance plotted against power for the detector. In practice,
NTC thermistors process a very high sensitivity of about 10 to 50 Ω/mW [23, 35].

Positive Temperature Coefficient (PTC) barretter
The wire barretter discussed in section 2.3.3 is the first PTC element which was used in the
power detection before the arrival of NTC thermistor [4, 23, 36]. Compared to the thermistor
the wire barretter is very fragile and can be burnt out easily. The production and development
of this sensing element was therefore limited.
The recent development in thin film technology has enabled the use of barretter in the form of
metallic thin films. The thin film can be mounted easily to coaxial or waveguide structure, and
the performance of the thin film is also more robust than its predecessor. Coaxial film
bolometers were developed for the application up to 18 GHz [37-39]. Waveguide film
bolometers can work up to 94 GHz [40-46].
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The material of the resistive film can be platinum, nickel or nichrome. In general, the resistance
of the thin films can be expressed with respect to the temperature by Callender Van-Dusen
equation [47, 48].
RT  R0 (1  AT  BT 2  100CT 3  CT 4 )

(2.25)

where RT is the resistance at temperature T(0C), R0 is the resistance at nominal temperature of
zero degree Celsius, A, B and C are thermal material constants. For a platinum thin film, the
constants are as follows [48],
A = 3.908 x10-3
B = -5.775 x10-7
C = -4.183 x10-12
In this case the, value of C is negligible, equation 2.25 is often presented in the second order
of temperature T.
The dissipation constant δ and the sensor sensitivity can be defined for the thin film element in
the same manner as in equation 2.22 and equation 2.24. The sensitivity of a thin film bolometer
is considerably smaller than that of the NTC thermistor sensor and is in the order of 1 to
3 Ω/mW [45, 46].

2.4.2. The bolometer mount
The bolometer mount, or microwave transmission line housing, is probably the most difficult
problem in utilizing bolometric equipment for microwave power measurement. Most of the
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information in the literature is devoted for thermistor mount, but the general specification of
bolometer mount should be the same regardless of the sensing element type. The essential
requirement of the mount is that its impedance should be closely matched to the characteristic
impedance of the transmission line as discussed in section 2.2. It is obvious that when the mount
is matched exactly to the transmission line at a specified frequency, the most accurate and
sensitive possible power determination can be performed. However, accuracy and sensitivity
are more often sacrificed for convenience in the operation over a broad frequency band and
compensated by the development of the power meter discussed in the next section. In other
words, it demands a detector mount having a broadband impedance match. It also requires that
the minimum microwave leakage from or into the mount. In particular, for absolute microwave
power measurement, the mount should not have any sources of power dissipation other than the
thermistor [4].
Thermistor mounts can be classified as un-tuned mounts, fixed-tuned mounts and tuneable
mounts. An un-tuned thermistor mount is designed so that the mount is satisfactorily impedance
matched over a specific frequency band with no adjustable tuning element needed. A fixedtuned mount is one which incorporates tuning adjustment. The mount can offer a nearly perfect
matching at mid-band frequency by tuning, a degree of mismatch at the band edge can also be
provided. Fixed-tuned mounts are commonly used at the frequency of 10 GHz and 30 GHz,
while un-tuned mounts are more common at 3 GHz and lower frequency band where the
variations in the impedances of thermistors are relatively small. Tuneable thermistor mounts
are very similar to the fixed mount, except that the tuning is specified for optimum impedance
match at each frequency. Tables of calibration data are provided to facilitate mount settings at
each measurement [4].
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Both coaxial-line and waveguide mounts have been used. While the former is used for
centimetre wave range of frequency, the latter is more common at millimetre wave range. The
following section reviews some designs for each type of transmission line.

Co-axial cable mounts
There are many techniques available for creating broadband impedance matching in co-axial
transmission line. The design principle is particularly applicable at long wavelengths where the
reactive component of the thermistor impedance is small and relatively frequency insensitive.
Figure 2.7 shows a simple diagram of the construction of a coaxial thermistor mount.

Figure 2.7:

Diagram of a coaxial thermistor mounts[4]

A stub and a series transformer section, each λ/4 in length, are used to match the thermistor to
the transmission line. The impedance matching between the thermistor conductance and the
characteristic admittance Y0 at the centre frequency is achieved by the series transformer. The
quarter wavelength stub has no effect on the input impedance of the mount at the centre
frequency. For broadband use, the admittance Y1 of both the stub and the transformer can be
slightly adjusted from the mid-band matching value, in order to cancel reflections at frequencies
other than the mid-band frequency. The detailed calculation is given in [4]. A number of
variations on the stub-transformer matching technique have been developed. For instance, the
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distance from thermistor to the short circuit can be adjusted by using an end-plunger adjustment
as an additional variable in finding impedance matching. In addition, using a line taper as
transformer section, as shown in Figure 2.8, could be expected to obtain a broadband impedance
match.

Figure 2.8:

The co-axial thermistors mount with line taper as transformer section (Taken

from [4]).
This design was adopted for housing thin film element in coaxial transmission line and Figure
2.9 shows the structure of a coaxial film bolometer developed by Harris [39]. Here a gold film
is used in conjunction with a conical sheath to achieve a uniform power absorption along the
length of the resistor.

Figure 2.9:

A simplified diagram of coaxial gold film bolometer (taken from [23])
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Waveguide mounts
In general, a thermistor mount is installed in parallel with the electric fields in the waveguide.
The position is usually in the middle of the guide where it can experience the maximum electric
field. Figure 2.10 represents the schematic drawings of two designs of waveguide thermistor
mounts. The lead wires from the thermistor are usually brought out through co-axial stubs. In
other words, there is transition from waveguide to co-axial cable constructed on the waveguide
body. One lead from the thermistor wire is grounded to the waveguide, and the other is isolated
from the waveguide and used for the d-c or low frequency signal. The waveguide is terminated
by a short circuit placed at an appropriate distance from the thermistor [4].

Figure 2.10:

Schematic diagram of two fixed-tuned designs of rectangular waveguide

thermistor mounts, the capacitor symbols present the d-c open circuit and r-f short circuit [4].
The mount in Figure 2.10(a), developed by the MIT Radiation Laboratory [49], uses an
adjustable stub and an adjustable end- plunger for the waveguide short circuit. The λ/2 stub
represents a short circuit to the thermistor. In the other design in Figure 2.10(b), a single stub is
replaced by two λ/4 stubs which provide an open circuit to the thermistor. The latter design,
developed by Bell Telephone Laboratories [50], uses one adjustable stub and an adjustable
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waveguide shorting plunger [4]. In both mount designs, the objective is to compensate the
change in reactance of the short circuit of the waveguide over a broadband of frequency in order
to maintain matched mount impedance. By using the combination of the stub characteristic
impedance, the stub length and the short circuit length, a solution for narrow-band and/or broadband matching could exist. Practical designs can be found in [4], the devices operate up to
24 GHz with reflection coefficient of about -15 dB for the bandwidth of 4% centre frequency.
Other techniques in matching the mount of both thermistors and barretters to the waveguide
have been developed. Aslan‘s work [51] is one example, he presented a mount design which
uses a ridge to match the waveguide impedance to the thermistor impedance, rather than trying
to match the mount impedance to the waveguide impedance, as presented in Figure 2.11.

Figure 2.11:

Ridge waveguide type of thermistor mount (a) front view and (b) cut side view

(taken from [23])
Another design employing the waveguide thermistor mount in the form of bar and post in the
centre of, and parallel to, the electric field is shown in figure 2.12. The location and the size of
the post and bar are designed to present impedance match to the shorted waveguide section.
This arrangement provides broadband impedance matching of the mount [35]. The structure
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should follow the same principle discussed later in this thesis. Although it is not considered
here, the design process still can be applied.

Figure 2.12:

Bar and post type of waveguide thermistor mount (a) front view and (b) cut side

view (taken from [23])
The mount of a thin film barretter can be applied in the same manner as the thermistor mount.
A waveguide transverse film bolometer mount was developed by Lane [40, 41, 43] in which
both platinum and nickel films have been positioned on the transverse plane at the appropriate
distance to the shorted end of the waveguide. This is shown in Figure 2.13.

Figure 2.13:

Transverse thin film bolometer mount in rectangular waveguide (a) front view

and (b) cut side view (taken from [23])
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This type of bolometer has been used to measure absolute microwave power up to 94 GHz [46].
The mount provides a narrow band response, for example, the reflection coefficient of better
than -20 dB can be obtained from 8.8 GHz to 9.8 GHz in one of the Lane’s X-band waveguide
designs [43].
2.4.3. Meter circuits
In microwave power measurements, bolometer operation is monitored and regulated by a power
meter circuit as shown in Figure 2.6. The circuit not only maintains the sensing element in the
sensible resistance range of the mount operation, but also extracts the changes, providing
meaningful reading of absorbed microwave power. Conventionally, the sensing element
(barrettes or thermistors) is operated as one arm of Wheatstone bridge as shown in Figure 2.14.

Figure 2.14:

A simple Wheatstone bridge for bolometer operation, where R1 and R2 are the

bridge resistance and often equal, Rg is the apmeter resistance, Rref is the reference resistance
to set the operating value of the bolometer element resistance RT.
The development of the bias and measurement circuit has gone through a major evolution from
the early bridge such as a simple Wheatstone bridge, to automatically balanced circuit with
increasing dynamic ranges. The Wheatstone bridge is a fundamental circuit used to operate the
bolometer elements, and most of the modern circuits still work based on its principle.
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The bridge can function either as un-balanced (direct-reading) or balancing bridges. The direct
reading bridge [4, 52] is more convenient to use, but the balancing bridges have an advantage
of greater accuracy. The close-loop measurement can be described by the diagram in Fig 2.15.
The operation of the balancing bridge and the bolometer element is straightforward. Initially,
in the absence of microwave power, d-c power is supplied so that the resistance of the bolometer
element is biased to the operating value R0. Once the d-c equilibrium is established, microwave
power is applied. The sensing element is heated up by the absorbed power, and the resistance
reduces in the case of thermistor (or increases in the case of barretter). As a result, the bridge is
un-balanced. The balance is then restored by removing enough d-c power so that the element
resistance returns to the original value R0.

Figure 2.15:

The close-loop measurement of bolometer with balancing circuit.

The amount of incident microwave power can be determined by measuring the change in d-c
power. The measurement is called closed-loop. For the setup in Figure 2.6, the d-c substitution
power can be calculated as

Psub 

Voff2  Von2
R0

(2.26)
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where Von and Voff is the d-c bias voltage across the sensing element with and without
microwave power applied, R0 is the operating resistance of the bolometer.
Studies of the d-c bridge have been conducted investigating the effect of external factors in the
measurement such as ambient temperature, and have been presented by Aslan in [51, 53]. The
bridge circuits have been developed for both types of the microwave power sensor including
coaxial type and waveguide type [54-57]. Historically, the auto-balanced bridge circuits were
designed for the dual thermistor coaxial mount, in which the two 100 Ω thermistors appear in
parallel to the r-f signal ( to be matched with 50 Ω transmission line) but in series to d-c signal
[23], the 200 Ω operating resistance of the bridge became popular. The operating resistance of
waveguide bolometer mount was then conveniently chosen at the same value. The modern
bridge circuits and commercial meters are designed to operate at different resistance such as
50 Ω, 100 Ω, 150 Ω, 300 Ω and 400 Ω [58, 59].
Another design of the auto-balancing circuit was introduced by Larsen and also known as NIST
Type IV power meter [60]. Unlike its predecessors, the balancing circuit is not a self -balancing
Wheatstone bridge. Instead, it passes a current through the bolometer mount while sensing the
voltage across it in such a way that the resistance of the bolometer is defined at the d-c terminals
of the bolometer. The resistance is maintained at a reference resistance which can be switched
between 100 Ω and 200 Ω. The Type IV Power Meter is a standards laboratory quality
instrument used to measure accurately high-frequency or microwave power in terms of
substitution d-c power [61].
Later in the thesis, the microwave power measurement is conducted with the use of the autobalancing circuit based on Larsen’s design.. The circuit is available at National Physical
Laboratory and easy to re-configure to operate at arbitrary operating resistance. Moreover, the
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bridge can work equally well with both NTC and PTC elements by simply interchanging the
bolometer element and the reference resistor [60].

2.4.4. Bolometer Calibration
As discussed in section 2.2, the measured power Pmea is the result of the measurement of the
dissipated power Pd by the meter circuit (in section 2.4.3). For a bolometric sensor, the
measured power Pmea is the d-c substitution power Psub in equation 2.26. In an ideal power
detector, the incident power Pi, dissipated power Pd and the substitution power Psub would be
equal. However, no detector is perfect. In order to accurately find the incident power to the
sensor, it is necessary to calibrate the detector. The calibration also ensures the traceability of
the detector to the power standards [62]. In general, there are two terms which are determined
in a calibration process, namely, effective efficiency and calibration factor.
The effective efficiency ηe of a detector is defined as the ratio of the power determined by the
electronics of the power meter Psub to the power dissipated in the sensing element Pd [9]

e 

Psub
Pd

(2.27)

The calibration factor kb is defined as the ratio of the substituted power Psub to the incident
power Pi [9]

kb 

Psub
Pi

(2.28)
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From equation 2.10a and equation 2.11, the relationship between the calibration factor and the
effective efficiency can be written as



kb  e 1   l

2



(2.29)

The calibration factor is considered more general than the effective efficiency as it accounts for
both imperfection in the detection of dissipated power and the mismatch loss of the bolometer
mount. It should be noted that the definitions are applicable for diode and thermoelectric
detectors with the substitution power Psub being replaced by Pmes.
The determination of the two factors can be performed by using a micro-calorimeter, which is
ultimately traceable to the primary standard of microwave power. More details of the technique
can be found in [5, 23, 63, 64]. For lower level of traceability i.e. commercial standards or
laboratory uses (see Figure 1.1), multi-state reflectometers can be used to calibrate waveguide
sensors [65] as shown in Figure 2.16.

Figure 2.16:

Functional diagram of a multistate reflectometer at National Physical Laboratory
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In this case, the complex reflection coefficient of the unknown sensor can be determined at the
same time as taking necessary power ratios to calibrate the device allowing mismatch correction
to be made. The multistate reflectometer is also suitable for comparing the efficiencies of power
sensors. The effective efficiency of a standard sensor is determined by a micro-calorimeter. The
effective efficiency of the unknown sensor can be obtained by the relative efficiency with
respect to the standard sensor. The calibration factor kb can then be calculated from the
reflection coefficient and the effective efficiency by equation 2.29. In practice, a number of
standard sensors are used, therefore, the more accurate values of kb and ηe are averaged from
the comparisons. The technique is applicable at any frequency band for which suitable standards
are available.
At National Physical Laboratory, multistate reflectometers using three states and four known
standard sensors are used for the commercial service of waveguide bolometric sensor
calibrations between 8.2 GHz and 110 GHz [66]
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Chapter 3
Transmission Line Theory Based Power Sensor Design

This chapter outlines the basic of transmission line theory used in this thesis to design the power
sensors, this includes investigating the case of rectangular waveguides based transmission line.
Important equivalent transmission line parameters of the waveguides are discussed. The second
part of the chapter is devoted to the design procedure of the waveguide power sensors based on
the transmission line theory.

3.1.

Transmission Line for Rectangular Waveguides

There are many types of transmission lines used in microwave applications [1]. In terms of
structure, the simplest transmission line is free space [2]. Parallel wire lines are one of the oldest
types of transmission line for radio applications [3], the lines are inexpensive but lack shielding
[4]. Coaxial lines provide shielding but come with the difficulty of fabricating complex
microwave components and integrating with circuit devices [5]. An alternative is planar
transmission lines including: strip-lines, micro-strip lines and coplanar waveguides [6]. They
are versatile, compact, low cost and highly integrated with circuit devices such as, resistors,
diodes and transistors. Hollow waveguides i.e. circular and rectangular waveguides [7] are more
expensive but have low loss, high operating frequency and high power handling. In this section,
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the property of rectangular waveguide is presented as they form the basis for the power sensors.
The field analysis of the rectangular waveguide are well covered in [1, 4]. We will use the
results to derive the transmission line parameters which are frequency, propagation constant,
attenuation constant and characteristic impedance.
Unlike most of transmission lines supporting transverse electromagnetic (TEM) waves, the
rectangular waveguide in Figure 3.1 have a single conductor. Therefore, it only supports
transverse electric (TE) and/or transverse magnetic (TM) waves. The waveguide is sometimes
not strictly considered as a transmission line. However, the concept of transmission line theory
is still applicable at a single frequency.

Figure 3.1:

A rectangular waveguide structure

The propagating waves are characterised by different modes such as TEmn for transverse electric
waves and TMmn for transverse magnetic waves, where m and n are wave numbers i.e. 0,1,2,….
The cut-off frequency of each mode can be found as [4]
f cmn 

1
2 

2

 m   n 

 

 a   b 

2

(3.1)
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Where μ and ε are the permeability and the permittivity of the material filling the hollow volume
of the waveguide, a and b are the waveguide dimension as shown in Figure 3.3. Conventionally,
rectangular waveguides have a ≥ 2b [8].
From the expressions of the electric field E and the magnetic field H in [4], the lowest cut-off
frequency of the transverse electric waves occurs for the TE10 (m=1,n=0) mode as there is no
TE00 mode. This frequency is

f c10 

1

(3.2)

2a 

The second lowest cut-off frequency in this category fc20 at TE20 mode is

f c 20 

1

(3.3)

a 

In transverse magnetic modes, the first propagating mode is TM11 since neither m nor n should
be zero for the TM wave to exist, the cut-off frequency is
f c11 

2

1 1
   
a b

1
2 

2

(3.4)

It easily can be seen that f c10 < f c 20 ≤ f c11 and the cut-off frequency get higher as the mode
numbers increase. Conventionally, the operating frequency band of standard waveguides is
between the cut-off frequency of TE10 mode and that of TE20 mode, so that only one mode is
propagating. As a result, TE10 is the dominant mode of the waveguide.
It is worth presenting here the field expression of the TE10 mode for future use [9]

H z  H 1 cos

x
a

e jt z

(3.5a)
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(3.5b)
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(3.5c)

(3.5d)

E y  H1
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e jt z

Ex  0

(3.5e)

(3.5f)

where λ is the wavelength of a plane wave in the medium filling the guide.
The fields are visualised in Figure 3.2(a) and the surface current is presented in Figure 3.2(b).
A useful result from the field analysis is that there is no current traveling along the central line
of the broad waveguide wall. Therefore, in rectangular waveguide sensor construction, the cut
in central E-plane will have minimum effect on the device’s performance.
For a lossless rectangular waveguide, the complex propagation constant is pure imaginary
  j , the propagation constant β for TE10 mode is as follow [4].

 
   2   

2

(3.6)

a

The guided wavelength in the waveguide is then equal to

g 

2





2
 
 2   

2

(3.7)

a
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The expression suggests that guided wavelength of the traveling wave in a rectangular
waveguide is greater than the wavelength λ.

(a)

(b)
Figure 3.2:

(a) The electric field and magnetic field of TE10 mode(taken from [9]); (b)The

surface current in the TE10 mode(taken from [10])
The attenuation in waveguide can be caused by conductor loss  c and/or dielectric loss  d , the
total attenuation constant is    c   d . The conductor loss results from finite conductivity of
the waveguide wall material, the attenuation constant due to conductor loss for the TE10 mode
is given as [4]
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2
  a  2a3 
b  

c 
 a 3b  2 2 2 

(3.8)

Where σ is the conductivity of the material of the waveguide wall.
The dielectric loss is due to lossy dielectric material filling the guide. The dielectric attenuation
constant of TE or TM waves in a guide with homogeneous dielectric filling can be can be
calculated as follows [4]

d 

 2 tan 
2

(3.9)

where tan  is the loss tangent of the dielectric filling the guide, normally tan  <<1.
Finally, the characteristic impedance of rectangular waveguides is considered here. In case of
TEM transmission lines which have at least two conductors, the characteristic impedances of
the lines can be defined. On the other hand, the single conductor transmission line does not
have unique characteristic impedance definition. The discussion of equivalent impedance for
non-TEM lines is presented in [4]. In this work, we will use the definition of the transmission
line impedance which is derived from the power transmitted in to the guide and the traveling
current, as it is most appropriate and comprehensive for the particular power sensing
application.
The power transmitted can be calculated by [4]
a

b

1

P  Re   E y H x dydx
2 x 0 y 0

(3.10)

The total current traveling down the guide is obtained from Ampere’s law as
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a

I    H x dx

(3.11)

0

Using the field expressions in equations 3.22 c and 3.22e, the characteristic impedance of the
rectangular waveguide for TE10 mode is [9]

Z0 

P


II 2



2b 
1
a  1    2a  2

(3.12)

It is worth noticing that the above impedance is a real number and depends on frequency of
the traveling wave.

3.2.

Bolometer Mount Design

In this section, the transmission line theory is applied to rectangular waveguides to design
waveguide bolometers. It believed that the technique was applied in previously published
designs up to 94 GHz [11-15], but it has not been explicitly documented in the literature. The
mathematics of the design principle is presented, and the full design procedure for waveguide
bolometric sensor is then introduced with the aid of CST Microwave Studio Simulation [16].

3.2.1. Transmission line presentation of the waveguide bolometer
As described in Chapter 2, a waveguide bolometer usually consists of a sensing element mount
which is placed at an appropriate distance from the shorted end of the waveguide. The
waveguide bolometer can be presented in terms of the transmission line model shown in
Figure 3.3. The characteristic impedance of the line is Z0 at the operating frequency f0. The
shorted end of the waveguide is represented by the zero load impedance ZL = 0. The impedance
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of the mount is R + jX. It is important to note that the mount impedance is the total impedance
of the sensing element and the structure that accommodates the element. The transmission line
length l relates to the distance between the mount and the shorted end of the waveguide.

Figure 3.3:

Equivalent transmission line circuit of a waveguide bolometer.

As the waveguide with no dielectric fill has very low loss, the analysis can assume to deal with
a lossless transmission line. The bolometer is designed to absorb all the incident microwave
power as discussed in Chapter 2, the reflection coefficient at the open end of the transmission
line model should be zero i.e. Γ out  0 . The reflection coefficient Γ l at the mount can be
derived from Γ out , equation 3.14 gives Γ l = 0. The reflection coefficient Γ l can be calculated
as

Γl 

Zl  Z0
0
Zl  Z0

(3.13)

where Zl is the total impedance at z = l looking toward the load. The admittance is obtained
from the parallel circuit.

Yl 

1
1
1


Z l R  jX Z1

(3.14)
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where Zl is the impedance of the shorted transmission line, which can be calculated by equation
3.17 when ZL is zero.
Z1  jZ 0 tanl 

(3.15)

The admittance Yl can be rewritten as

Yl 

1
R
X
1
 2
j 2
j
2
2
Zl R  X
Z 0 tanl 
R X

(3.16)

Equations 3.30 and 3.33 give

1
R
X
1
 2
j 2
j
2
2
Z0 R  X
Z 0 tanl 
R X

(3.17)

Solving the equation for the mount resistance R and the mount reactance X assuming R and X
cannot be zero. The expressions for the resistance and reactance are
2

Z 

Z 
X R  0    0 
2 

 2 
2

2

(0.18a)

R 1
 (1  cos(2l )
Z0 2

(3.18b)

X
1
  sin(2l )
Z0
2

(3.18c)

The expressions present the relationship of the mount resistance R and the mount resistance X
to the electrical length l at matching condition i.e. no power being reflected. The relationship
can be plotted in Figure 3.4. The graph in Figure 3.4(a) shows that the matching resistance R
and the resistance X are on a circle with the diameter equal Z0. The circle is the reciprocal circle
of r = 1.0 on Smith Chart [4], a similar matching technique using Smith Chart was utilised in
[14, 17, 18].
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(a)

(b)
Figure 3.4:

Matching condition of the mount resistance, reactance and the shorted

electrical length
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There are two cases of matching which are inductive matching and capacitive matching. When
g 4  ng 2  l  g 2  ng 2(n  0,1, 2,...) , the reactance X is greater than zero, inductive

matching happens. Otherwise, it is capacitive matching. In practice, the bolometer mount is
often placed at the transverse plane of the waveguide and parallel to the narrow side wall where
the electric field is maximum [17]. As a result, the mount should normally have positive
reactance. In fact, to the best of the author’s knowledge, all the published microwave power
sensor designs are in the category of inductive matching.
A mathematic model of bolometer mount in a rectangular waveguide was created in Matlab
[19] using equation 3.14 to 3.18. The reflection coefficient S11 in dB of the sensor can be
calculated as
S11  20log

Zl  Z 0
(dB)
Zl  Z 0

(3.19)

The reflection coefficient S11 for the inductive matching condition was investigated for different
resistances such as: Z0/4, Z0/2, 3Z0/4 and Z0. The corresponding electrical short length ls at
matching condition can be calculated by equation 3.35b, it gives the length of λg/3, λg/8, λg/6
and λg/4, respectively. It should be noted that the characteristic impedance Z0 of the waveguide
is for the frequency f0. At other frequencies, the characteristic impedance can be calculated by
equation 3.29. As can be seen in Figure 3.5, the matching occurs at the centre frequency f0. The
maximum -20 dB bandwidth of 15%f0 can be archived at R = Z0.The bandwidths are narrow
and reduce with the decrease of the matching resistance.
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Figure 3.5:

The reflection coefficient S11 for inductive matching condition at different

resistance of the mount
The interesting case of capacitive matching is also investigated by the mathematic model as
shown in Figure 3.6. The bandwidth of this matching type is slightly better at Z0/2 and 3Z0/4
matching resistances, but it is also narrow band at -20 dB level.

Figure 3.6:

The reflection coefficient S11 at capacitive matching condition
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In the following chapters, the simulated bolometer results will be compared to the mathematical
model to demonstrate the agreement between transmission line theory in waveguide and the
simulated field analysis solution.

3.2.2. Two-port impedance extraction of the mount
The theory discussed suggests that if the complex impedance of the bolometer mount is known,
we can easily determine whether the impedance is suitable for a matching condition and then
find the appropriate shorted length ls. The main problem is that Z is unknown for the waveguide
bolometer. This section introduces a method to calculate the impedance Z of a waveguide
bolometer mount by using CST Microwave Studio Simulation [16] .

Figure 3.7:

Equivalent transmission line circuit of the impedance extracting method

Consider the circuit in Figure 3.7, there is an arbitrary load Z placed in the middle of a
transmission line. The length of the line is two wavelengths (2  ), the characteristic impedance
is Z0. At each end of the transmission line, there is a matched port to measure the complex
reflection coefficient Г1. The reflection coefficient at the load can be calculated as
Γ  Γ1e  j 2   Γ1

(3.20)
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The equivalent impedance of the right side of the circuit in Figure 3.7 can be obtained as

Z1  Z 0

Figure 3.8:

Z L  jZ 0 tan 
 Z0
Z 0  jZ L tan 

(3.21)

The equivalent of the circuit in Figure 3.7

The circuit in Figure 3.7 can be redrawn as shown in Figure 3.8. The reflection coefficient at
the load is

Γ

ZP  Z0
ZP  Z0

(3.22)

where ZP is the total impedance of the parallel circuit of Z and Z1.

ZZ 0
Z  Z0

(3.23)

Z
1 Γ

Z0
2Γ

(3.24)

ZP 

Solving the equation 3.22 and 3.23 for Z gives

Equation 3.24 shows that the normalised impedance of an arbitrary load on a transmission line
can be calculated from the measure reflection coefficient. In a waveguide structure, the
bolometer mount is placed at the middle of the waveguide with the length equal to two guided
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wavelength  g . The opened ends of the waveguide are connected to matched waveguide ports.
The complex reflection coefficient at each port can be obtained by the two-port simulation. The
coefficients at the two ports should be equal as the structure is symmetrical.
In order to demonstrate the impedance extraction method, an example of reactance extraction
for a cylindrical metal post in X-band waveguide is presented. Such a post has an analytical
solution for comparison with the simulations.

Figure 3.9:

The CST model of a circular post in the middle of X-band waveguide (the cut

view is shown for the clarification of objects)
The 3D model of the structure in Figure 3.9 was built in CST. Only the vacuum filling in blue
colour of the waveguide is shown. In the simulation, the filling material of the waveguide is
vacuum, and the material of the post is Perfect Electric Conductor (PEC). The diameter of the
cylinder is d. The post is situated in the middle of the 22.86 mm × 10.16 mm rectangular
waveguide with the length of two times of the guided wavelength λg. At the frequency of 10
GHz, the guided wavelength is 39.75 mm (calculated by equation 3.7). The simulation was run
for the post diameter d changing from 0.1 mm to 1.4 mm at 0.1 mm interval and the complex
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reflection coefficients for each case was obtained. The reactance of the post was then calculated
by equation 3.24.
The results from the simulations can be compared to the theoretical calculation of the reactance
of the symmetrically located post aligned parallel to the electric field in a rectangular
waveguide. The normalised reactance Xa/Z0 can be calculated as [20]
Xa
X
a
 b 
Z 0 2Z 0 2 g

2
2
4
4

2  


d
5

d

d







S 0  
  
  2
  S 2  2S 0 2  
2
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2
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(3.25a)
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(3.25b)

(3.25c)

(3.25d)

The equations are valid for the wavelength a < λ < 2a and the post diameter d < 2a. The
theoretical values are accurate to within a few percent, compared to experimental results in Xband waveguide [20].
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Figure 3.10:

Comparison of normalised reactance of circular post in X-band waveguide

between the extractions from simulation and theoretical calculation
The normalised reactances at different values of the diameter d, obtained from CST simulation
and theoretical calculations are plotted in Figure 3.10. It can be seen the excellent agreement
between two approaches. The deviation between the results increases as the post diameter gets
larger i.e. at d = 1 mm, the deviation is 1.3%, and it reaches to 4.4% at d = 1.4 mm. In theory,
the calculated values from equation 3.25 have the accuracy of a few percent for d < 3.4 mm
[20]. Therefore, the differences of more than 4% is caused by the limitation of extraction
method. A possible explanation is that in transmission line analysis, the load is assumed to have
negligible longitude dimension compared to the wavelength. As the post expanses in diameter,
the accuracy of the method declines.
In conclusion, the impedance extraction could give valid results within a few percent as long as
the longitude dimension of the structure is kept small. In design practice, the dimension of the
mount should be less than 1/20 of the broad side wall of the waveguide.
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3.2.3. Process of design
The bolometer design process is presented in form of a flowchart as shown in the Figure 3.11
below. The design starts with the choice of the sensing element for the application such as
Negative Temperature Coefficient (NTC) thermistors or Positive Temperature Coefficient
(PTC) barretters discussed in Chapter 2. The mount structure to accommodate the sensing
element is then determined, for instance PCBs for soldering thermistors or substrates for thin
film and electrical deposition. The mount impedance can be calculated by using the impedance
extraction method discussed in the previous section. With the initial dimensions, the extracted
impedance may be not satisfied the matching condition in equations 3.18. In that case, the
dimensions of the mount need to be adjusted until the matching condition is satisfied. The
equations 3.18b and 3.18c can be used to calculate the shorted length ls. At this stage, the
structure of the mount with suitable dimensions can be put in a shorted waveguide at the
determined distance ls from the shorted end, the model can be built in 3D design environment
of CST Studio. The simulation computes the electromagnetic field equations for the bolometers
structure and returns the reflection coefficient S11. The initial simulation result should be in the
form of the responses in Figure 3.5 or 3.6, there may be a small shift in the centre frequency or
the reflection coefficient response at this stage. However, the deviations can be eliminated by
running the built-in optimisation of the simulator program. The optimum dimensions of the
microwave power sensor are then used to fabricate the real device. Several devices using this
techniques are discussed in future chapters.
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Figure 3.11:

The power sensor design process based on transmission line theory
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Chapter 4
X-band Microwave Power Sensor Design

The chapter presents the design of a microwave power sensor in X-band waveguide, which is
based on Transmission line theory discussed in Chapter 3. Microwave power sensors
traditionally use NTC thermistors for frequencies up to 50 GHz [1, 2]. As the first example of
the design, an X-band waveguide thermistor power sensor at 10 GHz is designed using the
design process. The chapter starts with solving the problem of modelling the sensing element
in CST Microwave 3D design environment, which is followed by the determination of the
mount dimensions. In this chapter, the complete structure of the sensor is introduced and the
operating condition including temperature of the thermistor, heat dissipation is discussed in the
thermal consideration section. The X-band sensor was fabricated and measured both at the
University of Birmingham and at the National Physical Laboratory (NPL).

4.1.

Modelling of the Sensing Element

The small bead thermistor from Sensor Scientific [3] was used in the design of the 10 GHz
sensor. The bead has the body diameter of 0.36 mm and the nominal length of 0.5 mm, the lead
wire diameter is 0.028 mm as shown in Figure 4.1. Due to the small size, the thermistor can be
easily fitted in the 22.86 mm × 10.16 mm rectangular waveguide. The room temperature
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(at 25 0C) resistance of the thermistor is 1000 Ω. At operating condition, the thermistor should
be biased by d-c power down to a selected operating resistance, the resistance could be an
arbitrary value but traditionally chosen at 100 Ω, 200 Ω or 400 Ω. In this application, the
operating resistance is 200 Ω. The high negative temperature coefficient of -3.33% is desirable
for the substitution power application as discussed further in Chapter 2.

Figure 4.1:

The bead thermistor from Sensor Scientific [3].

In order to determine the impedance of the thermistor mount, the presentation of thermistor in
EM simulation is required. There are two options of modelling electrical components. The first
option is to build the physical component with all parameters from its datasheet in a full wave
electromagnetic simulator such as CST. This method can obtain the closest representation of
the component in simulation. Unfortunately, this approach encounters difficulties in obtaining
the bead materials i.e. the permittivity; this information on bead thermistors is not available.
The alternative way is to represent the component by its equivalent circuit. The latter approach
is utilised in this design.
The bead behaviour was modelled over a broadband frequency range by the equivalent circuit
in Figure 4.2. Rth is the d-c resistance of the thermistor. Lwire and rwire are parasitic elements of
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the thermistor wires. The capacitance Cth represents the non-linear semiconductor-type
behaviour of the inner structure of the bead thermistor.

Figure 4.2:

An equivalent circuit of an RF thermistor [4].

Unlike the values of the parasitic inductance and resistance of the wires which can be easily
derived from the dimensions and the wire’s material, the value of Cth depends on the thermistor
body condition such as: temperature and the d-c resistance of the bead. In the work of
Kazemipour [4], the self-capacitance was estimated at different resistance values from the
measured scattering parameters of his bead thermistor. Note that the thermistor used by
Kazemipour and the thermistor used in this design are different in size, 0.228 mm and 0.5 mm
long, respectively. However, the electrical characteristic of the thermistors should be similar.
Therefore, the capacitance Cth of the Sensor Scientific thermistor can be derived from the values
of the capacitance recorded in [4].
The self-capacitance of the bead body can be calculated by equation 4.1, the derivation of the
equation is presented in Appendix B.

Cth 

 r  0l
ln  d  d wire 2   ln  d wire 2 

(4.1)

where εr is the relative permittivity of the inner body material of the bead thermistor, the
permittivity is assumed to have a non-linear relationship with the bead temperature. l and d are
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the length and the width of the bead, respectively. dwire is the diameter of the connecting wire.
dwire is very small compared to d, hence the capacitance is proportional to ɛrl/ln(d).
The scaling formulas for the capacitances can be written as:

C2 

 r 2 l 2 ln d1 
C1
 r1 l1 ln d 2 

(4.2)

where the capacitance values from [4] is denoted by 1 and the thermistor from Sensor Scientific
is denoted by 2. With the assumption that the relative permittivities are equal at the same
resistance of the thermistor, the equivalent capacitance Cth of the thermistor in this application
can be estimated at different d-c resistance Rth, the result is shown in Figure 4.3.
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Figure 4.3:

Equivalent capacitor Cth at different d-c biased thermistor’s resistance.

At the chosen operating resistance of 200 Ω, the self-capacitance of the thermistor is about
0.117 pF. Note that if we use equation 4.1 to calculate the capacitance of the thermistor from
Sensor Scientific, it gives 0.112 pF with the relative permittivity of ceramic of 25. Both
approaches give very close values of the thermistor capacitance. In the following design, the
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thermistor bead is presented by the resistor Rth of 200 Ω in parallel with the capacitor Cth of
0.112 pF. Note that the simulation results in the following sections show no difference when
using either of the capacitance values.

4.2.

Design of the Mount for the Matching Condition Using Full Wave Simulation

This section presents the design of the thermistor mount in X-band power sensor. The structure
of the mount is first introduced. The determination of the mount dimensions for matching
condition is discussed.

4.2.1. The structure of the thermistor mount

Figure 4.4:

(a) The section in the waveguide of the PCB accommodating the bead

thermistor; (b) the cut view to show how the thermistor is soldered on the PCB.
The bead thermistor is mounted on a double-sided PCB as can be seen in Figure 4.4(a). The
PCB is made from RT/duroid 6010.2LM from Roger corporation [5]. The substrate thickness
is 127 µm, the substrate permittivity is 10.2, and both sides are clapped with 17.5 µm copper.
Figure 4.4(a) shows only the section of the PCB which is inside an X-band rectangular
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waveguide, the width w of the copper track is an important parameters in finding matching
condition. The width w1 of the soldering area is 0.5 mm. In the centre of the PCB, a hole is
drilled with 0.8 mm diameter for the thermistor to be accommodated. Additionally, the two
connecting wires of the bead thermistor are soldered on the upper and lower sides of the PCB
as shown in Figure 4.4(b).

Figure 4.5:

(a) The bead thermistor in the CST simulation; (b) the CST schematic diagram

which includes the equivalent circuit of the thermistor bead.
As discussed in the previous section, the thermistor bead has an equivalent circuit of 200 Ω
resistor in parallel with a 0.112 pF capacitor. In simulation, the bead is modelled by the parallel
circuit, the connecting wires of the thermistor are modelled by their physical constructions as
the dimensions and the material of the wire are known. Figure 4.5(a) shows the model of the
thermistor in CST design environment. The bead is replaced by a discreet port which is then
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assigned as the equivalent circuit in Schematic design of the simulation as shown in
Figure 4.5(b).

4.2.2. Determination of the mount dimensions
The dimensions of the mount consisting of the PCB and the bead thermistor are determined by
the process of finding the matching condition as described in Chapter 3. The mount is first
placed in the middle of an X-band waveguide with a length of two guided wavelengths (2λg) as
illustrated in Figure 4.6. At the frequency of 10 GHz, the guided wavelength can be calculated
by equation 3.24, it gives λg = 39.75 mm. Only the vacuum filling of the waveguide is presented
in the figure, the surrounding material is set as PEC, and the two ends of the waveguide are
connected to matched waveguide ports.

Figure 4.6:

The two port simulation of impedance extraction for the thermistor mount.

The width of the PCB track, w (see Figure 4.4(a)) is treated as the parameter to adjust the
impedance of the thermistor mount. The initial value for the PCB track width w is 2 mm. The
reflection coefficient at the mount obtained from the simulation is Γ = -0.511 + j0.327. The
normalised impedance of the mount can be calculated by equation 3.40, as follows.
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Z
R
X

j
 0.1995  j 0.4416
Z0 Z0
Z0

(4.3)

Where the characteristic impedance of the X-band waveguide at 10 GHz, Z0, is 444 Ω
(calculated by equation 3.29), the resistance of the mount is then 88.58 Ω, which is smaller than
the d-c operating resistance of the bead thermistor. This is an expected result because of the
effect of the equivalent self-capacitance of the thermistor bead at high frequency.
Equations 3.18b and 3.18c can be used to determine the length l R and l X , respectively as follows

lR 


1
R
arccos 1  2   16.927 mm
2
Z0 


(4.4)

lX 


1
X 
arcsin   2   16.432 mm
2
Z0 


(4.5)

Where the propagation constant β = 158.24 m-1 is calculated from equation 3.23. Note that the
electrical length lR and lX do not have physical meaning, these mathematical terms are used to
find the matching point.
In order to obtain the matching at the centre frequency of 10 GHz, the effective electrical
length l R and l X have to be equal. Therefore, the matching condition does not happen with the
PCB width w of 2 mm. The values of the resistance length l R and the reactance length l X can
be obtained at different track width w, these values can be plotted in Figure 4.7.
The figure shows how the effective lengths behave with the increase in the mount dimension.
The change in the width of the PCB track mostly affects the reactance of the mount. As a result,
there is a noticeable rise in the reactance effective length l X while the resistance length l R stays
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almost unchanged. The interception between the two lines is where the matching condition is
satisfied. The matching is suggested at the width w = 2.325 mm and the shorted electrical length
l s = 16.92 mm.

17.2
17.1

length (mm)

17
16.9
16.8
16.7
16.6

lR
lX

16.5
16.4
16.3

1.9

2

2.1

2.2

2.3

2.4

2.5

2.6

w (mm)
Figure 4.7:

The effective length l R and l X at different widths w.

The above design process is validated by electromagnetic simulation. The designed mount is
placed in a shorted X-band waveguide as shown in Figure 4.8, in which the distance from the
mount to the shorted end is the determined length l s and the length from the mount to the
waveguide port 1 is equal to the guided wavelength λg.

Figure 4.8:

The simulation of the designed mount in a shorted waveguide.
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The CST simulation gives the initial reflection coefficient of the waveguide sensor structure at
the waveguide port 1, the result is depicted on Figure 4.9.

Figure 4.9:

The reflection coefficient of the sensor simulation in Figure 4.8.

The reflection coefficient shows that the matching condition was obtained at 9.98 GHz which
is very close to the targeted frequency of 10 GHz. The result proves the validity of the proposed
design procedure. At 9.98 GHz, there is almost no reflected power. The incident power is
dissipated at the lossy components inside the sensor structure including the PCB and the
thermistor. The power loss simulation was conducted at 9.8 GHz, the result is shown in
Figure 4.10. It can be seen that almost all the microwave power is dissipated at the region near
the thermistor including four edges of the PCB and the thermistor itself. The contour is not
displayed at the thermistor because it is a virtual port presenting the equivalent circuit of the
thermistor bead (discussed in section 4.1). The power dissipated at the thermistor can be
obtained by deducting the dissipated power on the PCB from the total input power.
The dissipated power on the PCB can be estimated by computing the amount of power
dissipated in 0.5 mm radius around the edges. Note that at the distance of 0.5mm from the peak
amplitude, the power loss distribution reduces from the maximum of 0.0263 W/m3 to
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0.001W/m3 by the radius. Thurs, the power dissipated on the PCB is approximately 10-11 W.
While In the simulation, the input signal of an excited waveguide port is normalised to 1 W
peak power [6]. Therefore, the thermistor plays a dominant role in absorbing the incident
microwave power.

Figure 4.10:

The power loss distribution inside the sensor at operating condition

The shift in the frequency can be eliminated by adjusting the shorted length ls and the width w.
A full wave optimisation will be run after the design of the complete power sensor structure
discussed in the next section, because only the structure inside the hollow guide of the sensor
is considered at this stage.

4.3.

The Structure of the X-band Power Sensor

Figure 4.11:

The structure of the X-band power sensor (a) before and (b) after assembling.
77 | P a g e

The structure of the power sensor is presented in Figure 4.11. There are two separate parts of
the waveguide. The front part is a conventional X-band waveguide with the length of λg, and
the second part is a shorted waveguide with the determined short length ls. Due to the fabrication
limitation of the milling tool, there are round edges of 0.5 mm in radius at the shorted end as
shown in Figure 4.11 (b).
The double sided PCB, shown in Figure 4.11 (a), is positioned between the two waveguide
parts. In addition to the PCB inside the waveguide in Figure 4.8, circular electrodes is added.
The separation of 1 mm between the upper and lower electrodes is to create electrical isolation
as shown in Figure 4.12(b). The circular electrodes is inspired by the circular waveguide
flange [7] which is designed to stop leakages at waveguide flanges interfaces. Here it is to
eliminate the microwave leakage through air gap at the contact between the PCB and the
waveguide flanges. The distance from the broad waveguide wall to the top of the circular
electrode is a quarter of the guided wavelength, so that it transforms the open circuit at the top
of the electrode to the short circuit on the broad wall of the waveguide.

Figure 4.12:

(a) The PCB clamped between two waveguide parts; (b) one side of the PCB.

When assembling, the PCB is clamped between the two waveguide parts by nuts and bolts
through four holes. There are two additional holes for alignment pins on the PCB.
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The simulation result, in CST Microwave Studio, of this whole structure is shown in red in
Figure 4.13. This simulation in uses the same dimensions w and l s determined in the design
progress in section 4.2.2. The present of the PCB between the two waveguide parts causes the
discontinuity in the waveguide. As a result, it can be seen that the reflection coefficient S11 is
slightly shifted more to the lower frequency compared to the previous simulation result in
Figure 4.9. The centre frequency is now at 9.932 GHz.

Figure 4.13:

The simulation result of the power sensor in CST Microwave Studio.

As the targeted frequency of the power sensor is 10 GHz, the optimisation on the sensor
dimensions can be run to achieve that goal. By adjusting the PCB track width w and the shorted
length l s , the optimised result, presented in Figure 4.13, was obtained with the minimum value
of S11 of - 35.8 dB at 10 GHz. The optimum parameters are included in Table 4.1. The
construction of the sensor with detailed dimension of all the parts is presented in Appendix C.
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Parameter

Initial

Optimised

The PCB width w

2.325 mm

2.330 mm

The shorted length l s

16.920 mm

16.756 mm

Table 4.1:

The initial and optimised parameters of the designed sensor.

It is worth comparing the optimum reflection coefficient obtained from the CST simulation to
the transmission line model of the sensor described in Chapter 3 at the same electrical shorted
length ls of 16.756 mm. The comparison is shown in Figure 4.14. It can be easily seen that the
calculated reflection coefficient from Transmission line theory agrees well with the simulated
result. The bandwidths from the two approaches are very close. Both approaches have the
minimum of S11 at less than -30 dB that means more than 99.9% of incident power is absorbed.

Figure 4.14:

Comparison between the results from computer simulation and calculated model

of the X-band sensor.
An important factor of the sensor is the bandwidth. As discussed in Chapter 3, the design
approach results in narrow band sensors. The optimum S11 gives the -20 dB bandwidth of
145 MHz and the -15 dB bandwidth of 200 MHz. In practice, the reflection coefficient of 80 | P a g e

15 dB is widely accepted for microwave poser sensors [8], the -15 dB bandwidth of the X-band
sensor can be improved by introducing a movable shorted end. The practice was reported in [1,
2, 9]. Figure 4.15 illustrates the simulated reflection coefficient of the sensor at different shorted
lengths. By adjusting the shorted length ls from 14.258 mm to 20.140 mm, the -15 dB band
width can be enlarged to 1.5 GHz at the expense of the minimum value of S11.

Figure 4.15:

4.4.

The change in S11 in the full-wave simulation when adjusting the shorted length.

Thermal Consideration

At the operating condition, the bead thermistor is heated by both d-c power and the absorbed
microwave power as discussed in more detail in Chapter 2. The resistance of the bead is
remained at the desired resistance of 200 Ω by the auto-balancing circuit. The bead itself is a
heat source in the sensor, and there is a heat flow from the thermistor body and through the
electrical contacts of the mount and the waveguide to the surrounding environment. At
equilibrium, the heat flow should be equal to the total of d-c bias power and the absorbed
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incident microwave power. In this work, the heat flow is estimated by both mathematical
analysis and computer thermal simulation.
The thermistor is biased from R0=1000 Ω (T0 =25 0C) to R=200 Ω. The temperature T of the
bead thermistor can be obtained by Steinhart-Hart equation [10]

1 1 1 R
  ln  
T T0 B  R0 

(4.6)

where B constant of the bead thermistor is 3000 [3], it gives T = 354.7 K or 81.7 0C.
The heat not only dissipates through the surface of the bead by convection, but also flows in
vertical and horizontal directions as demonstrated in red in Figure 4.16(a). The heat flow in the
upper part is identical to the heat flow in the lower part of the power senor. The equivalent
thermal circuit of the sensor is shown in Figure 4.16(b), in which Rconvs is the convection
resistance of the bead body, Rupper and Rlower represent the thermal resistance of the upper and
lower part. The temperature of the bead thermistor is T and the ambient temperature T∞ is 20 0C.
When the heat flows in vertical direction, it follows the copper track of the PCB. The heat
transfer in this direction mainly consists of conduction. In the horizontal direction, the heat goes
through layers of the copper and the substrate of the PCB before transferring to the air on both
sides of the PCB by convection.
In order to investigate the amount of heat flow, an equivalent thermal circuit representing the
heat traveling in the upper part from the bead is used as shown in Figure 4.17, the heat flow in
the lower part is identical. The heat source is the bead with temperature T, the ambient
temperature T∞ is 20 0C. The thermal resistance Rwire represents the section of the thermistor
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wire that connects the bead to the PCB. The resistance R1, R2 and R3 represent the thermal
properties of the copper regions of the PCB as can be seen in Figure 4.17 (a).

Figure 4.16:

(a) The direction of the heat flow in the power sensor; (b) the equivalent

thermal circuit of the sensor.
The resistance Rd1, Rd2, Rd3, Rcopper1, Rcopper2 and Rcopper3 are the thermal resistances of the
dielectric and the copper on the PCB corresponding to the position of the resistance R1, R2 and
R3. The convection resistances are Rconv, Rconv1, Rconv2 and Rconv3. The heat transfer in the
horizontal direction can be approximated to happen at the average temperature of each region.
As a result, in the equivalent thermal circuit, the horizontal branches start in the middle of the
thermal resistances R1, R2 and R3 as shown in Figure 4.17(b).
The calculation of the thermal resistance for conduction and convection is reviewed in [11] and
all thermal calculations below are explained in this reference. The detailed dimensions of the
sensor, especially the PCB, can be found in Appendix C. The calculation of the thermal
resistance R3 is based on the assumption that the heat transfer from R2 in to R3 region is in a
fan-like fashion. The resistance R3 can be estimated as
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R3 

1
k C t copper

rPCB


r1

dr
b
2r  arcos
2r

(4.7)

where k C is the thermal conductivity of copper and equal to 401 W/(mK), t copper is the thickness
of the copper track on the PCB which is 17.5 µm. b is equal to 10.16 mm corresponding to the
waveguide height. The integration radius r1 and rPCB are 5.199 mm and 14.98 mm,
respectively. The equation gives R3 = 96.17 KW-1. The calculation of the other equivalent
resistors by equation 4.8 are straight forward as they have uniform cross sections. The values
of the thermal resistances are included in Table 4.3.

Rthermal 

Table 4.2:

1 l
kS

(4.8)

Thermal resistance

Value (KW-1)

Rwire

7904

R1

142.5

R2

249.5

R3

96.17

Rd1

2540

Rd2

66.8

Rd3

3.13

Rcopper1

0.175

Rcopper2

4.59×10-3

Rcopper3

2.15×10-4

Rconv

288309

Rconv1

800000

Rconv2

21038

Rconv3

984

The values of the thermal resistances of the thermal circuit in Figure 4.17(b).
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Figure 4.17:

(a) The regions of the equivalent thermal resistances on the PCB; (b) the thermal

circuit of the heat flow from the thermistor bead in the upper part.
The total resistance of the circuit in Figure 4.16(b) can be obtained by the circuit analysis, and
gives Rupper = 8794 KW-1
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The convection resistance of the body of the bead can be calculated as

Rconvs 

1
k air S ellipsoid

(4.9)

where the convection coefficient of still air kair is 5 W/(Km2), the surface area of the bead Sellipsoid
is 5.16×10-7 m2. Thus, the resistance Rconvs is 387.6×103 KW-1 and is considerably larger than
the conduction resistance showing convection has only a small effect.
The total heat flow from the bead thermistor can be calculated by the equivalent circuit in Figure
4.15(b) as
 1
1
1
Qtotal  T  T  


R
 upper Rlower Rconvs


  14.19 mW


(4.10)

The result can be validated by using CST MPhysics simulation [6]. The whole structure of the
sensor in Figure 4.10 is input into the simulator. The thermistor bead presented by a physical
bead in Figure 4.17 is set as a temperature source of 354.7 K. The physical properties of the
surrounding space is inputted as those of the dry air with the convection constant of 5 W/(km2)
and the thermal boundary is isothermal (T=293.15 K). The temperature distribution of the
sensor in Figure 4.17shows that the hottest region in the sensor is at the bead and the connecting
wires, the temperature of the copper on the PCB is equal to the ambient temperature. The
thermal simulation also gives the total heat flow of 14.44 mW from the temperature source. The
result is very close to the calculated value of 14.19 mW. As discussed in Chapter 2, the heat
flow from the thermistor at operating condition suggests that the maximum measuring power
is about 14 mW.

86 | P a g e

Figure 4.18:

The temperature distribution in the sensor at operation condition.

At the thermal equilibrium without the presentation of r-f power, the d-c dissipated power on
the thermistor is equal to the heat flow out of it, an equation can be generated as follows.
P  I 2 R   (T  T )

(4.11)

Where δ, the dissipation constant of the bead thermistor, defines the amount of electrical power
which will raise the body temperature by one degree Celsius above ambient temperature. The
dissipation constant at the ambient temperature of 20 0C can be calculated as [10]



P
 0.246 mW/ 0 C
T  T

(4.12)

The power sensitivity of the sensor at operating condition can be derived from equation 4.6 and
equation 4.11 as follows
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δR δR δT


 19.386  / mW
δP δT δP

(4.13)

The result suggests that the resistance of the bead thermistor should change about 19 Ω if there
is 1 mW of microwave power absorbed by the sensor. The value is sufficient for the power
application and similar to the sensitivity of published thermistor sensors [12, 13]

4.5.

Fabrication and Measurement

This section introduces the fabricated X-band power sensor. The measurement of the
reflection coefficient of the sensor is discussed. The measurement of the power linearity at the
University of Birmingham is introduced. Finally, the result of the sensor calibration at NPL is
presented.

4.5.1. The fabrication of X-band power sensor
The fabricated PCB and sensor are shown in Figure 4.19; all the dimensions are the same as
described in the simulations above. The PCB is made of Roger RT/duroid 6010.2 LM [5]. The
thermistor from Sensor Scientific [3] was soldered on two sides on the PCB as shown in
Figure 4.4. The waveguide parts are made from two halves with the cut on E-plane as discussed
in Chapter 3. The PCB is clamped in the middle of the two aluminium waveguide parts by four
isolation screws. At the back of the shorted waveguide part, there is an M4 screw for tuning
which can be seen in Figure 4.19(b). The red wire is connected to the short waveguide part and
the blue wire is connected to the front waveguide of the sensor, then the d-c bias is applied to
the thermistor through the wires.
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(a)

(b)
Figure 4.19:

The double-sided PCB with a thermistor soldered at the centre and (b) the

assembled X-band sensor.
By using the NPL auto-balancing circuit reviewed in Chapter 2, the thermistor can be biased to
any resistances for testing. The assembled sensor was taken in to measurements of the reflection
coefficient, the sensor linearity, the effective efficiency and the calibration factor.
4.5.2. Measurement of the reflection coefficient
The sensor is connected to one port of the Vector Network Analyser (VNA). The result of the
measurement, when the thermistor is at 200 Ω, is presented in Figure 4.20. The measured
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reflection coefficient has the minimum of -21.53 dB at 9.88 GHz. The measured response has
the similar shape to the simulated response, but the centre frequency was shifted away from
10 GHz. The difference between simulation and measurement may be attributed to a number
of factors such as the dimensions of the fabricated PCB and waveguide and the modelling of
the bead thermistor in the simulation.

Figure 4.20:

The measured reflection coefficient of the sensor at 200 Ω thermistor biasing.

In fact, the waveguide parts of the sensor were made by CNC milling technique with the
accuracy of ± 10 µm. The measured dimensions of the fabricated waveguide was used to
simulate the sensor response, and no deviation from the simulated response in Figure 4.20 was
observed.
The dimensions of the PCB were measured by microscope. The measured PCB track width w
and soldering area width w1 ( see Figure 4.4) are 2.247 mm and 435 µm, instead of the designed
values of 2.33 mm and 500 µm, respectively. The other dimensions of the PCB are very close
to the simulated values. The simulation is run for the measured values of the PCB, the result is
shown in black in Figure 4.21.
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Figure 4.21:

The simulated response of the sensor with the measured PCB dimensions

The figure shows a small deviation compared to the expected simulated response. Therefore,
the main cause of the deviation between the simulated and measured response in Figure 4.20 is
believed to be at the bead thermistor equivalent circuit in section 4.1. The CST simulation was
used to simulate the response of the sensor at different equivalent self-capacitance Cth of the
bead thermistor other than the estimated value of 0.112 pF, the large deterioration in the
reflection coefficient was observed and the simulated response in Figure 4.20 could not be
achieved. Therefore, the equivalent circuit of the thermistor should be much more complex at
high frequency than the equivalent circuit in Figure 4.2.

Figure 4.22:

The tuned S11 parameter (in blue) by introducing a tuning screw at 200 Ω bias.
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In order to minimise the shift in frequency, a M4 tuning screw was introduced at the shorted
end as shown in Figure 4.19(b). The extrusion of the screw from the shorted wall changes the
effective shorted length ls of the sensor. By applying the method, the centre frequency can be
moved to 9.94 GHz as shown in blue in Figure 4.22. The reflection coefficient at 10 GHz
is -17.26 dB.
The second method of tuning the response of the sensor is by adjusting the thermistor resistance.
The thermistor can be biased to and maintained at different resistances other than 200 Ω by the
auto-balancing circuit. The change of the d-c bias on the thermistor varies the impedance of the
mount, thus changing the reflection coefficient of the sensor. By adjusting the operating
resistance of the thermistor to 400 Ω, the centre frequency of S11 can be moved to 10 GHz
without additional deterioration in S11, this is shown in Figure 4.23. The reflection coefficient
at 10 GHz is -23.41 dB in this case.

Figure 4.23:

The optimised response of the sensor at different biasing conditions.

It is worth mentioning that the best absorption of incident power can be found at 300 Ω
thermistor resistance as shown in orange in the above figure, here S11 is -26.41 dB at 9.94 GHz.
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4.5.3. Measurement of the linearity with power
The measurement is to observe the d-c substitution power on the bead thermistor at different
microwave input powers to the X-band sensor. The sensor was measured in two operation
modes at the centre frequency of 10 GHz including: (1) 200 Ω thermistor resistance and (2)
400 Ω thermistor resistance. The measurement set up is presented in Figure 4.24.

Figure 4.24:

The power measurement set up. The red box contains a power meter and a signal

generator to monitor the input power of the X-band sensor. The auto-balancing circuit and the
voltmeter in the black box are to monitor the thermistor resistance and record the biased voltage
on the thermistor. The directional 3dB coupler in the green box is to divide the power from the
input port to the power sensor and the sensor.
A 3 dB coupler is used to split the input power from a signal generator at 10 GHz to both its
through port and coupled port. The coupled port is connected to a coaxial power meter by a
coax to waveguide adapter from Flann Microwave [14]. The sensor is connected to the through
port of the coupler. The ratio of the power available at the through port to that at the coupled
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port is 1.168 which is close to the specification of equally splitting power at the two ports of
the 3 dB directional coupler. The coax to waveguide adapter itself has the measured insertion
loss of -0.275 dB. By monitoring the power meter at the coupled port, the incident power to the
sensor at the through port is known.
At 200 Ω thermistor resistance, the sensor has the reflection coefficient as in blue in Figure 4.21.
The resistance of the thermistor is maintained at 200 Ω during the measurement by the NPL
auto-balancing circuit, the voltage on the bead is recorded by a voltmeter. Without microwave
power, the voltage on the thermistor is 1.615 V. The d-c dissipated power is 13 mW that is close
to the expected value discussed in Section 4.4. When the microwave power is applied, the d-c
power should be reduced in order to maintain the thermistor resistance. The reduction in power
is indicated by the decrease in the thermistor voltage reading. The d-c substitution power Psub
was recorded at different r-f input powers Pin. The relationship between Psub and Pin at 200 Ω
operation is plotted in Figure 4.25.
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The relationship between input power and substitutional power at 200 Ω

thermistor operation.
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In the above figure, the red dots are the measured points at different input powers up to 12.5 mW
and the blue fitted line shows that the d-c substitution power is linear to the microwave input
power. The mathematical relationship can be obtained by using linear regression algorithm,
which gives
Psub  0.8815Pin  0.0269 (mW)

(4.14)

The correlation coefficient r of the regression is 0.9999, which suggests an excellent positive
linear relationship. The small common error variance σ of 17×10-3 validates the small errors
obtained. The non-zero second term in equation 4.14 of 0.0269 can be due to the factors such
as the temperature drift and noise which are common for this kind of power sensor. The
phenomenon was reported in [15] as power meter zero offset.
There are deviation between Psub and Pin can be caused by other uncertainties associated with
the electronics. The non-zero offset is likely attributed by improper zero-setting, zero carryover,
drift and noise[15]. The noise in power measurement can come from the electronic circuit of
the meter and the thermistor itself. At the operating condition of 200 Ω, the thermistor is heated
to 354.7 K as discussed in section 4.4, the mean power of thermal noise of the thermistor can
be estimated by the total thermal noise on a 200 Ω resistor and 0.112 pF capacitor. Thermal
noise on capacitor is dominant and can be calculated as [16]

Pther 

kT
 4.37×10-5 (mW)
C

(4.15)

where k is the Boltzmann constant, T is the temperature of the bead thermistor and C is the
equivalent capacitance.
It can be seen that the thermal noise of the thermistor is very small compare to the non-zero
offset of 0.0269. In fact, for a typical absolute power measurement, the total noise contributes
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the uncertainty of ±0.025 µW [15], which is negligible in the measurement range of bolometer
(10 µW to 10 mW). Therefore, at low power level, the non-zero offset is caused by the
electronics of the power meter and can be eliminated in the calibration and offsetting the power
meter.
Another interesting case is when the thermistor is at 400 Ω was also investigated, the sensor
response is in black in Figure 4.22. The measured reflection coefficient of the sensor in this
case is the lowest value obtained from the sensor tuning described in section 4.5.2. The same
set-up can be used, the balancing circuit was modified so that the circuit maintains the
thermistor resistance at 400 Ω. The results of the substitution power Psub and input power Pin
up to about 6 mW are shown in Figure 4.26.
6

Psub (mW)

5
4
3
2
1
0
0

Figure 4.26:

1

2

3
4
Pin (mW)

5

6

7

The relationship between input power and substitutional power at 400 Ω

thermistor operation.
The linear relationship of the powers can be easily seen. Mathematically, it can be written as
Psub  0.8836Pin  0.0146 (mW)

(4.16)
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The correlation coefficient r and the error variance σ of the linear regression are 0.9999 and
4.85×10-3, respectively. They confirm the excellent linearity with low error.
The measurement of the sensor with microwave powers showed that the sensor has a linear
response with r-f input power at 10 GHz when the thermistor is operating at either 200 Ω or
400 Ω. The importance result indicates the usability of the sensor, and it should be compatible
with commercial thermistor meter i.e. N432A power meter from Keysight [17].
4.5.4. Measurement of effective efficiency and calibration factor
The definition of the factor and efficiency was reviewed in Chapter 2. The calibration factor
kb of the sensor can be obtained from the previous power measurement as the ratio of the d-c
substitution power to the r-f input power. The effective efficiency ηe is defined as the ratio of
substitution power to absorption power and it can be calculated as [15].

e 

kb
1 Γ

(4.17)

2

where Г is the Voltage Reflection Coefficient (VRC) at the operating frequency .The calibration
factor and effective efficiency at 200 Ω and 400 Ω sensor operation are determined from
equation 4.16 and given in Table 4.3.

Thermistor resistance (Ω) VRC

Calibration factor

Effective efficiency

200

0.137∠-29.5640

0.8815

89.73%

400

0.068∠-6.1450

0.8836

89.95%

Table 4.3:

The calibration factor and effective efficiency from the measurement at the

University of Birmingham.
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The sensor was taken to National Physical Laboratory (NPL) and measured by the X-band
multi-state reflectometer [18]. The setup measures the sensor under different microwave input
powers, the relationship between substitution power and input power of the sensor is obtained
and then compared to the data of three standard sensors, which are preserved by NPL for
commercial calibration services. The effective efficiency and calibration factor are
subsequently deduced by averaging the results of the three comparison. The results are given
in Table 4.4.

Thermistor resistance (Ω)

VRC

Calibration factor

Effective efficiency

200

0.133∠328.5310

0.8450

86.06%

400

0.073∠24.1450

0.8494

85.4%

Table 4.4:

The calibration factor and effective efficiency form the measurement at National

Physical Laboratory.
The measured VRCs of the sensor at both places are similar, but the calibration factors and
efficiencies are slightly different. It is clear that the measurement at Birmingham suffers from
improper zeroing and the accumulated errors in the equipment such as the coax to waveguide
adapter and the power meter. Therefore, the measurement at Birmingham can be used to prove
the linearity of the sensor and estimate the calibration factor, while the more accurate
measurements of the calibration factor and effective efficiency can be the values obtained from
the measurement at NPL.
The imperfect effective efficiency (less than 100 %) is caused by (i) microwave leakage and/or
(ii) a fraction of absorbed power dissipating outside of the thermistor bead. The potential
microwave leakage is at the substrate of the PCB and the contacts between the PCB and
waveguide flanges. In this particular case, the leakage is negligible because the air gap (about
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20 µm) and the PCB thickness (127 µm) are very small as compared to the waveguide size of
22.86 mm ×10.16 mm, the leakage of less than 0.2 % incident power was evaluated by EM
simulation. Therefore, the main reason here is believed to be at the thermistor. The phenomenon
was discussed in Collard ‘s work [19]. The thermistor resistance consists of the contact
resistance and the semiconductor resistance which is sensitive to temperature. At d-c and low
frequency operation, the semiconductor resistance is dominant. At high frequency, the effective
capacitance Cth (see figure 4.2) tends to shunt the semiconductor resistance, so that the effective
resistance of the bead gets smaller and the contact resistance becomes comparable to it. Thus,
the absorbed microwave power is not entirely dissipated in the semiconductor part of the
thermistor. A high frequency bead thermistor is designed to minimise the effect, and is used in
the standard power sensors with the effective efficiency of about 98%. The thermistor used in
this thesis is, in fact, intended for much lower frequency applications. As a result, the parasitic
elements can affect the performance of the thermistor as indicated by the measured effective
efficiency.
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Chapter 5
High Frequency Microwave Power Sensor Design Using
Temperature Dependent Resistive Films

The validity of the microwave power design process based on Transmission line theory was
proven in Chapter 4. This chapter introduces the design of W-band waveguide sensor using the
same principle. The waveguide size reduces as the operating frequency increases.
Consequently, commercial thermistors are no longer suitable for the sensor design. For
instance, the bead thermistor with 0.5 mm long is half of the size of the WR3 waveguide
(0.864 mm ×0.432 mm). Therefore, the temperature dependent resistive (TDR) films need to
be used as the sensing element for the high frequency application. This approach is believed to
be the way forward in high frequency power sensor designs, in which the sensing element is
made for specific sensor designs. The chapter first reviews the material choices for the resistive
films. The proposed solution to modelling problems in the electromagnetic wave simulation is
then presented. The design procedure based on the Transmission line theory is implemented for
94 GHz power sensor, and the complete structure of the W-band sensor is introduced. Finally,
the designs of WR-6 and WR-3 power sensors are presented to show the feasibility of high
frequency designs up to 300 GHz and beyond.
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5.1.

The Material of Temperature Dependent Resistive Film

The sensing element can be fabricated by the thin film deposition. As the power sensors is based
on the substitution principle between r-f and d-c power, the resistance of the thin film element
should be sensitive to the temperature. The materials for the temperature dependent resistive
films can be classified into two major groups: Positive Temperature Coefficient (PTC) and
Negative Temperature Coefficient (NTC). The materials are reviewed in the following sections.

5.1.1. Positive temperature coefficient (PTC) materials
Most thin metallic films have positive temperate coefficients. One of most famous materials for
barrater applications is platinum which was used to make very fine fuse wire (about 0.089 to
0.19 μm in diameter)[1]. Platinum thin films were also utilised in microwave power
measurement as transverse thin films in rectangular waveguides. For instance, Lane‘s design
has a 10 nm platinum deposited on the 100 μm thick mica strip [2]. This design for X-band
rectangular waveguide power sensor had an inaccuracy of less than 3% at any power level from
1 mW to 120 mW at 10 GHz.
In the later experiment, Lane also investigated thin film of nichrome deposited on glass strips,
120μm wide and 4 mm long [3]. Lane’s the thin film resistance at room temperature was 509 Ω,
which results in a thickness of between 5 nm and 7.5 nm. Nichrome can be used as substitution
for platinum as it is slightly less sensitive to temperature than platinum. The bolometer
application of nichrome thin film was extended up to 40 GHz [4].
In another design at 35 GHz, the evaporated bolometer element was nickel, about 10 nm in
thickness, 1 mm in length and 0.06 mm in width. The nikel film is deposited on a 30 μm mica
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substrate [5]. The unit was proved to have a good performance over the frequency range
betwwen 30 GHz and 40 GHz. In the 94 GHz design by Inoue, the nickel thin film on a 12.5 μm
polyimide sheet was ultilised. The thin resistive film is 1.27 mm long and 0.2 mm wide. The
resistance is 143 Ω from d-c measurement at room temperature [6]. Table 5.1 summarises all
the mensioned PTC materials, the sheet resistivity and the temperature coefficient α (discussed
in section 2.4.1) are included.
Material

Substrate

Sheet Resistivity

Temperature coefficient

(at 200C)

(x10-3 /0C) ( at 200C)

Platinum [1, 2, 7]

Mica

105 nΩm

3.927

Nichrome [3, 4, 8]

Glass

1000-1500 nΩm

0.4

69.3 nΩm

6.41

Mica
Nickel [5, 6, 9]

Mica
Polyimide

Table 5.1:

PTC metallic materials used for microwave bolometric sensor.

5.1.2. Negative temperature coefficient (NTC) materials
Prior to the application of PTC thin metallic films, NTC thermistors were widely used in
microwave power measurement, due to small sizes, sensitivity, accuracy and robustness. Bead
thermistors were developed extensively in materials, and most power meters were developed
for NTC thermistors. The NTC thermistors are composed of metal oxides, such as oxides of
manganese, nickel, cobalt, iron, copper and titanium. Operation frequency of bead thermistor
power sensors were reported up to 50 GHz on [5] and recently at 140 GHz [10].
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The commercial NTC bead thermistor will be no longer fit into the small waveguide at high
frequency. The practical approach is to fabricate NTC thin film thermistors and apply them in
the same way as the thin metallic films discussed above. A study of thin films of nickel
manganese oxides showed the NTC characteristics and that it was possible to achieve the
resistivity of 3300 Ωcm [11]. Thin film nickel manganite (NiMn2O4) was also investigated at
the University of Birmingham. The material was deposited on 10 mm x 10mm Alumina
substrates, the thin films have NTC characteristics and the resistivity was reported at 470-745
Ωcm. For further information, a detailed investigation of thin film nickel manganite on SU-8
substrate can be found in Appendix D.
Thin film vanadium oxides deposited by pulsed d-c reactive magnetron sputtering has a
promising resistance to make the sensing elements in the power application, although the
sensitivity is lower than that of bulk NTC thermistor [12]. Another popular material of NTC
thermistor is manganese vanadium oxides. Material deposited on polished quartz and pyrex
glass also has very high resistivity [13].
Material

Substrate

Sheet resistance (at 300K)

B constant

Nickel manganese

Microscope glass

33 Ωm

4000

Alumina

4.70-7.45 Ωm

3000

7.99-92.5 kΩm

3180-4150

oxides [11]
Nickel manganite

Su-8
Manganese vanadium

Polished quartz

oxides [13]

Pyrex glass

Vanadium oxides [12]

Cleared glass

0.05-35.73 mΩm

188-2182

Ge [14]

GaAs(100)

0.1-1 mΩm

3945

Table 5.2:

NTC materials for thin film bolometric element.
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Ge/GaAs is another candidate for NTC thin film thermistors. It was reported that thermal
evaporation of Germanium in the vacuum onto semi-insulating Gallium-Arsenide (100)
substrates can obtain the thickness from 1 nm to 250nm and low resistance of 0.01 - 0.1 Ωcm
[14]. Table 5.2 summarises the thin film materials that have been discussed, the sheet resistivity
and B constant of the materials (discussed in section 2.4.1) are included.

5.1.3. Discussion on the thin film bolometers
The PTC films have been used in microwave power measurement as listed with frequencies of
operation in section 5.1.1. At room temperature (i.e. 200C), the thin film resistance should be
smaller than the operating resistance as discussed in section 2.3.4, for instance the room
temperature resistance of 150 Ω for the operating resistance of 200 Ω . Because of the low
resistivity listed in Table 5.1, the thickness of PTC thin film is usually in the order of 10 nm.
The use of NTC films in the waveguide power sensing application, on the other hand, has not
been seen in the literature. In Son’s work [15], the thin film vanadium oxide of the size 1 µm ×
52 µm was integrated to spiral antennas structure to detect microwave power. The example
shows the feasibility of integrating NTC thin films to waveguide power sensor. The discussed
materials and substrates can be suitable candidates for thin film bolometers. Unlike the PTC
film, the NTC film can be few micrometres thick, the resistance at room temperature can be in
the order of 1 kΩ as the thermistor used in Chapter 4.
In this work, the platinum thin film on SU-8 substrate is utilised, because of the promising
temperature sensitivity and the feasibility of the thin film fabrication. The SU-8 substrate has
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similar thermal conductivity to other substrate, the lossy substrate will be considered in the
design simulation.

5.2.

Modelling the Thin Film Element.

A problem arises when running microwave simulation of a thin metal film inside a rectangular
waveguide. The thin film structure can be created by the real dimensions and is very small
compared to the waveguide dimension. The full wave solvers such as CST cannot produce the
adequate mesh density and the simulations consume a lot of memory and time. Consequently,
the results are unrealisable. For example, the simulation of 10 nm thick platinum thin film in
W-band waveguide in Figure 5.2, requires 40,425 tetrahedrons meshes and takes nearly 4 hours
of computing, the simulated S21 is less than -1280 dB and spikes and discontinuities can be seen
in the S-parameter responses. In more complex cases, the convergence criterion cannot be met.
To solve the problem, the thin film is modelled as an Ohmic sheet, the concept of which is
described below.
In Ramey’s work [16], the microwave transmission through thin metal and semiconducting
films depends on the product of σd, in which σ is the bulk conductivity of the film and d is the
film thickness. The proposed solution to using thin films in full wave models is to model the
thin films as Ohmic sheets which are infinitely thin and are characterised by the sheet resistance.

RS 

1
d

(5.1)
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The resistance of a thin film can be calculated from the sheet resistance as

R

1 l
l
 Rs
 wd
w

(5.2)

where l and w are the length and the width of the film, respectively.
The proposed model of thin films in the electromagnetic simulation is valid if it can present the
same the resistance and reactance of the thin film in a rectangular waveguide. The following
sections demonstrate the comparison of the simulated model and the theoretical analysis of the
thin film under similar conditions. First, the power transmission coefficient and the power
reflection coefficient of the TE10 wave in a waveguide through and reflected from a thin film
medium is investigated. Secondly, the analytical solution of the reactance of the thin film in a
rectangular waveguide is also compared to the simulated values.

5.2.1. Power transmission and power reflection coefficient in a rectangular
waveguide blocked by a thin film
This section investigates the electromagnetic waves traveling in a waveguide which is blocked
by a thin film medium as shown in Figure 5.1(a). The waveguide transmission is separated by
the thin film region in the two mediums including vacuum and metallic medium as medium 1
and 2 in Figure 5.1(b). The zero conductivity σ0, the permittivity ε0 and the permeability µ0 are
of vacuum. The conductivity σ, the permittivity ε and the permeability µ are of the thin film
medium. The film has the same dimension as the waveguide a × b, the thickness of the film is
d in the figure.
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Figure 5.1:

(a) perspective view and (b) side view of a thin metal film in a rectangular

waveguide in which the thin film thickness is exaggerated to show the field in the medium [17].
The equivalent model in CST simulation of the structure in Figure 5.1 is shown in Figure 5.2.
The thin film is replaced by the Ohmic sheet in yellow colour with the same dimensions except
the thickness of the Ohmic sheet is zero. The sheet resistance can be calculated from the
conductivity and the thickness of the film by equation 5.1. Only the vacuum filling of the
waveguide in blue colour is shown in the simulation. The two ends of the waveguide are
attached to matched waveguide ports.
The simulation is run for a platinum thin film (the electrical conductivity at 20 0C σ is
9.524×106 Sm) in W-band waveguide (size 1.27 mm ×2.54 mm) at 94 GHz. At different film
thicknesses d changing from 5 nm to 100 nm at 5 nm interval, the two-port simulation gives the
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transmission and reflection coefficients. The power transmission coefficient T and the power
reflection coefficients R can be derived from transmission and reflection coefficients as follows:

Figure 5.2:

The CST simulation model of an Ohmic sheet in a rectangular waveguide
T  S 21

2

(5.3)

R  S11

2

(5.4)

An analytical solution of the structure in Figure 5.1 was presented by Ramey [16, 17]. The
expressions for the power transmission coefficient T, the power reflection coefficient R can be
derived from the analysis of the dominant mode TE10 of the electromagnetic wave. The
continuity condition of tangential components of E fields and H fields through the mediums
was used to solve the amplitude of transmitted and reflected waves. The power transmission
coefficient T and power reflection coefficient R are [17].
2
E
T 3
E0

2


4exp   d 


μ0 γ2  
μ0 γ2  
μγ 
μγ 
 1  μγ   1  μ γ  exp  γ2 d    1  μγ   1  μ γ  exp  γ2 d 




0 2 
0 2 


2 1
E

R 1 
E0

1


μ0 γ2  
μγ  
1
  1

μγ  
μ0 γ2  
μ0 γ2  
μγ  
1
  1

μγ  
μ0 γ2  

μ0 γ2  
μγ 
1
 exp  -2γ2 d 

μγ  
μ0 γ2 
μ0 γ2  
μγ 
1
 exp  -2γ2 d 

μγ  
μ0 γ2 

(5.5)

2

(5.6)
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where the propagation constant γ for TE10 wave in an vacuum-filled rectangular waveguide is

2
π
     ω 2 μ0 ε 0
a

(5.7)

The propagation constant in the metal film medium inside the waveguide is [17]
2

 
 2      2   j
a

(5.8)

where ω = 2πf is the angular frequency
According to Harrington [18], the relative permittivity of the metal film is around unity since it
is a highly conductive medium, therefore 

  0 . The permeability  of non-magnetic material is

equal to the permeability 0 of vacuum.
The power absorption coefficient A can be calculated for the power transmission coefficient T
and power reflection coefficient R as

A  1 T  R

(5.9)

As stated above the calculation is applied for thin film in W-band waveguide (a = 2.54 mm) at
the frequency f = 94 GHz. The thin film thickness d varies from 5 nm to 100 nm. The simulated
and the calculated values of the power absorption coefficient A are compared as shown in
Figure 5.3.
The figures indicate excellent agreement between simulation and calculation. The absorption
of the thin film medium decreases as the thin film thickness increases. The thin film presents
higher resistance at thinner thickness, when the film gets thicker, the film resistance declines
and becomes saturated when the thickness is greater than the skin depth.
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Figure 5.3:

Comparison between calculation and simulation results of the power

transmission of thin platinum film at 94 GHz.

5.2.2. Reactance of narrow thin film in a rectangular waveguide
This section investigates the reactance of a thin film in a rectangular waveguide when it is
placed at the middle of the guide as illustrated in Figure 5.5. The width w of the film is smaller
than the broad wall dimension. The equivalent circuit of the thin film is a series circuit of the
film resistance R and the film reactance X as shown in Figure 5.5(c).

Figure 5.4:

A narrow thin film in waveguide (a) crossed section, (b) top view and

(c) Equivalent circuit [19]. a and b are the dimension of the waveguide, Z0 is the characteristic
impedance of the guide and X is the reactance of the thin film.
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The simulation model of the film is built in CST as shown in Figure 5.5. The thin film is
presented by the Ohmic sheet with the width w. The sheet resistance of the Ohmic sheet is
10.5 Ω/sq, corresponding to 10 nm thick platinum film (calculated by equation 5.1). The
waveguide in the simulation has standard W-band waveguide size of 2.54 mm ×1.27 mm. The
length of the waveguide is two guided wavelength λg. The guided wavelength at 94 GHz can
be calculated by equation 3.7 and is 4.1 mm. The vacuum filling of the guide is shown in the
figure. The two ends are connected to matched waveguide ports.

Figure 5.5:

Simulation model of a narrow thin platinum film in a W-band waveguide for the

reactance extraction.
The simulation is run for different width w changing from 50 µm to 300 µm at 50 µm interval.
The normalised impedance of the film can be derived from the simulated reflection coefficient
as discussed in section 3.2.2. The normalised reactance of the sheet is obtained from the
imaginary part of the extracted normalised impedance.
The theoretical solution for the reactance of the infinitely thin films in Figure 5.5 is also
available. The normalised reactance is given by the equation [19]
X
a

Z 0 2g

  8 a  4 a
ln   e2 w   27  

 


(5.10)
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where the wavelength λ of the electromagnetic wave is associated with the frequency f of the
calculated reactance as λ = c/f (c is the speed of light in vacuum). The calculation is applied for
the case of infinitely thin film in a W-band waveguide (a = 2.54 mm). Equation 5.10 is valid in
the wavelength range 2a/3 < λ < 2a and w/a ≤ 0.15. For W-band application at 94 GHz, the first
condition is satisfied. The second condition is valid when the width w is smaller than 380μm.
The guided wavelength λg is 4.1 mm as mentioned previously. The normalised reactances
obtained from equation 5.10 are compared to the simulated values, and the comparison is
displayed in Figure 5.6.

Figure 5.6:

Calculated and simulated reactance of thin film in W band waveguide at 94 GHz.

The simulated normalised reactances agree well with the calculated values. At large values of
the film width, equation 5.10 becomes less accurate as w reaches its maximum valid value,
which explains the deviation in the reactances from the two approaches.
The two verifications of the thin film representation in the computer simulation was
successfully conducted. Excellent agreement between the simulation and theoretical calculation
were obtained. The Ohmic sheets can be used confidently to represent thin films in the future
design process.
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5.3.

Design the Mount for Matching Condition

This chapter presents the design of the thin film mount in W-band power sensor. The structure
of the mount is first introduced. The determination of the mount dimensions for matching
condition is discussed.
5.3.1. Structure of the thin film mount
Platinum thin film was chosen as the sensing element. The substrate of the thin film is made of
SU-8 photoresist [20]. Compared to the traditional substrate such as mica or polyimide
discussed in section 5.1, SU-8 photoresist has suitable thermal conductivity and it can be made
in to complex shapes with various thickness at the University of Birmingham. Figure 5.7 shows
the structure of the mount in W-band waveguide, in which the thin film as an Ohmic sheet on
a 50 µm thick SU-8 substrate is positioned in the transverse plane of the waveguide. The length
of the thin film is equal to the narrow side wall dimenssion of the W-band waveguide
b = 1.27mm.

Figure 5.7:

The mount of the thin platinum film in the W-band waveguide, where

b = 1.27 mm is the height of the W-band waveguide, tsub is the substrate thickness of 50 µm,
the film and the substrate have the same width w.
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The operating resistance of the thin film element is 200 Ω, because it is compatible with the
auto-balancing circuit used in measurement discussed in Chapter 2. The sheet resistance of the
Ohmic sheet in the simulation can be calculated by equation 5.2 with R = 200 Ω and
l = b = 1.27 mm.
Rs  157.48 103 w (/sq)

(5.11)

5.3.2. Determination of the mount dimensions
This section presents the determination of the film width w, in order to satisfy the matching
condition discussed in Chapter 3. The technique is similar to the technique used in the
thermistor mount design in Chapter 4.
The normalised reactance of the thin film can be related to the film width w by equation 5.9.
The substrate contributes a negligible capacitance to the impedance of the thin film in the
waveguide. The detailed analysis of the impedance of the thin film structure was investigated
in [21]. Therefore, the reactance of the mount is approximated to that of the thin film. The
matching condition in equation 3.35c suggests that the normalised reactance has to be smaller
than 0.5. As can be seen in Figure 5.7, the width w of the thin film needs to be larger than
200μm.
The mount structure in Figure 5.8 is placed in the middle of the two-port W-band waveguide
as can be seen in Figure 5.9, in order to extract the impedance at 94 GHz. At the initial width
w of 220 µm, the sheet resistance is 34.65 Ω/sq (obtained by equation 5.10). The simulated
reflection coefficient is given as Г = -0.4246 + j0.2216. By applying equation 3.40, the
normalised impedance of the mount is Z/Z0 = 0.4255 + j0.483 . The characterisitic impedance
of the W-band waveguide at 94 GHz is calculted by equation 3.29, which gives the impedance
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Z0 of 484.1 Ω. The resistance of the mount consequently is 205.5 Ω, which is slightly higher
than the thin film’s resistance. It can be explained by an equivalent circuit of the mount
consiting of a series netwrok of the thin film resistor and thin film inductor in parallel with the
substrate capacitor. the small deviation between the effective resistance of the mount and the
resistance of the thin film indicates a small effect of the capacitance caused by the substrate.
More detail on the substrate capacitance is given in [21].

Waveguide
Port 2

Waveguide
Port 1

Figure 5.8:

The thin film structure in a two-port W-band waveguide.

The impedance of the thin film structure was extracted at different thin film widths w, while
the resistance of the film remains unchanged at 200Ω. Note that the coressponding sheet
resistance of the Ohmic sheet in the simulation is determined by equation 5.10. The
coresponding resistance length l R and the reactance length l X were calculated by equations 4.4
and 4.5. Figure 5.9 depicts the calculated results of l R and l X . The interception is the potential
matching point at the width w of 221.8 μm and the shorted length l s of 1.586 mm.
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Figure 5.9:
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224
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width (μm)

228
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232

Electrical length extraction results for the thin film mount at different widths.

The width is round to 220 μm and equation 5.10 gives the sheet resistance of the platinum thin
film at 34.65 Ω/sq, coressponding to 200 Ω operating resistance. The structure of the mount is
simulated in a shorted W-band waveguide as illustrated in Figure 5.10.

Figure 5.10:

The simulation of the designed mount in a shorted waveguide.

The thin film structure is placed in a shorted W-band waveguide terminated at the determinated
distance ls of 1.586 mm from the thin film. The reflection coefficient is shown in Figure 5.11.
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Figure 5.11:

The reflection coefficient of the waveguide sensor in Figure 5.10.

The responce indicates that the matching condition was obtained at 93.9 GHz. The simulation
only takes in account of the inner structure of the power sensor. The complete structure is
preseted in the next section.
The power dissipated on the mount structure can be deternined as the total of the power
dissipated on the thin film and the SU-8 substrate. As the substrate is quite lossy compared to
the traditional substrates such as polyimide and glass, it is critical that the microwave power is
dissipated on the thin film rather than the substrate. The power dissipater on the thin film can
be calculated as:
Pc   t Ec

2

(5.12)

where |Ec| is the magnitude of the electric field at the thin film, σ is the conductivity of the
platinum σ = 9.53×106 Sm, t is the thickness of the film, here t ≈ 10 nm.
The power dissipated in the dielectric medium of the SU-8 substrate can be calculates as
Pd   0 r d tan  Ed

2

(5.13)
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where ω is the angular frequency at 94 GHz, the relative permittivity of SU-8 εr is 4.2, and
the thickness of the substrate is d = 50 µm. the loss tangent of the SU-8 is tanδ = 0.08. |Ed| is
the magnitude of the electric field at the substrate, which should be equal to |Ec|.
The ratio of the magnitude of the dissipated power on the thin film to that on the substrate can
be written as

Pc
t

 1084
Pd  0 r tan  d

(5.14)

Equation 5.14 shows that the dissipated power on the substrate is negligible and the
microwave power is absorbed by the thin film.

5.4.

The Structure of the W-band Power Sensor

The power sensor is constructed using six layers as shown in Figure 5.12(a). The brass plates
are used to hold the structure together with screws. The main four layers including waveguide
layer, shorted waveguide layer, isolation layer and thin film layer will be discussed in more
detail. The waveguide layer and the shorted waveguide layer are made of aluminium to realise
the waveguide structure in Figure 5.10. The thin film layer is made of SU-8 and platinum is
uniformly deposited on one side. The isolation layer has the same material and the thickness as
the thin film layer, it provides the electrical isolation between the thin film and the waveguide
layers. The assembled power sensor is presented in Figure 5.12(b). When the power sensor is
fully assembled, the tabs of the thin film layer will be removed so that the d-c electrodes are
not shorted. The isolation screws are used to fasten the layers together.
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Figure 5.12:

The W-band thin film power sensor (a) before and (b) after assembling

The initial simulation result of the power sensor is shown in Figure 5.13. The reflection
coefficient minimum moves to 93.44 GHz at -27.7 dB. The difference between this response
and the reflection coefficient in Figure 5.11 results from the discontinuity in the guide caused
by the thin film layer and the isolation layer.
In fact, the realisation of the power sensor suffers from several limitations of the fabrication
processes. The following sections will discuss the effects of the limitations on the sensor’s
performance.
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Figure 5.13:

The initial reflection coefficient of the full W-band power sensor.

5.4.1. The aluminium waveguide layers
The actual waveguide in the waveguide layers is milled completely through the layer. While in
the shorted waveguide layer, the waveguide is milled to a specific depth to create the short
electrical length. Due to the milling process, there are round edges of 0.4 mm diameter in the
waveguide rather than the right corners of the standard waveguide; this is shown in Figure 5.14.

Figure 5.14:

Waveguide layer with four round edges of the waveguide window.
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The round edges will account for a further shift in the centre frequency as described in
Figure 5.15. The short length ls can be adjusted from 1.586 mm to 1.568 mm, to move the centre
frequency back to 94 GHz. The minimum of the reflection coefficient is -33 dB.

Figure 5.15:

The simulated reflection coefficient of the power sensor with round edge

compensation.

5.4.2. The thin film layer and isolation layer
The thin film layer whose construction is shown in Figure 5.16 is deposited with platinum on
one side of the SU-8 substrate. There are two importance parameters of the layers: the
thickness tsub and the gap size g. The initial values of g in the previous simulations is 200 µm.
The structure introduced in Figure 5.12(b) was re-simulated with varying gap sizes from 50 μm
to 1000 μm. The results indicates that the gap has no effect on the reflection coefficient within
the simulated range. The gap of 500 μm is used to ease the fabrication process of the layer but
also maintain the mechanical strength of the piece.
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Tab to be
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Figure 5.16:

The thin film layer.

The isolation layer and the thin film layer introduce discontinuity between the waveguide layer
and the shorted waveguide layer in terms of microwave transmission. The thicknesses tsub of
the layers is associated with the microwave leakage of the power sensor structure. The amount
of power loss was studied by simulating two W-band waveguides separated by the isolation and
thin film layer (without the mount in the waveguide) as shown in Figure 5.17.
The above structure was simulated with different thicknesses of the two SU-8 layers. The power
loss coefficient can be derived from the transmission and reflection coefficient as follows.
L=1- |S11|2- |S21|2

(5.15)

For a lossless transmission i.e. no microwave leakage, the loss coefficient L is zero. The loss
was calculated for three different thicknesses of 12.5μm, 50μm and 100μ. The result is
illustrated in Figure 5.18.
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(a)

(b)
Figure 5.17:

(a) The simulation model to determine the microwave leakage between two W-

band waveguides separated by isolation layer and thin film layer; (b) the zoomed-in view of the
waveguides. The matched waveguide ports are shown in red.
It can be easily seen that the thinner the layers are, the smaller the loss is. At 50μm thickness,
the power sensor will experience about 7% loss in microwave power, and this amount is
acceptable for the sensor operation. If thicker layers are used, the technique of using circular
choke flange [22] or periodic structures on the waveguide flange including photonic band gap
or bed of nails [23-25] could be used to minimise the microwave leakage.
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Figure 5.18:

The microwave power loss versus the thickness of the isolation and thin film

layer.

5.4.3. The design optimisation
At this stage, the designed power sensor has the reflection coefficient of nearly -35 dB at about
94 GHz as shown in Figure 5.15. The values of the parameters discussed are recorded in
Table 5.3.
Parameter

Initial

Optimised

Waveguide width

2.54 mm

2.61mm

Waveguide height

1.27 mm

1.14 mm

Diameter of waveguide s’ round edges

0.4 mm

0.4 mm

1.568 mm

1.506 mm

Substrate thickness

50 μm

50 μm

Gap

500 μm

500 μm

Thin film width

220 μm

220 μm

Operating resistance

200 Ω

200 Ω

Shorted length

Table 5.3:

Record of importance parameters of the power sensor.
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The response of the power sensor can be further optimised by adjusting the waveguide
dimensions and the shorted length to compensate for the imperfection of waveguide edges and
the discontinuity in the waveguide transmission. A better sensor response is obtained by the
computer based optimiser as shown in Figure 5.19.

Figure 5.19:

The optimised reflection coefficient of the power sensor

The optimised parameters are also recorded in Table 5.3. It can be seen from Figure 5.19 that
the microwave power is fully absorbed at 94 GHz. The -20 dB band width is approximately
5 GHz. The detailed dimensions of the W-band power sensor can be found in Appendix E.

5.4.4. The effects of platinum side deposition on the SU-8 substrate
The discussed result is the best case scenario when platinum is deposited only on the surface of
the substrate. In reality, platinum will unintentionally be deposited on the side of the substrate
and it is very hard to control the side deposition. In the worst case scenario, platinum covers the
edges of the substrate (see Figure 5.20(b)). In this case, a shift of about 4 GHz is predicted by

127 | P a g e

the full wave simulation as indicated in green in Figure 5.21. The -20 dB bandwidth reduces to
about 3.5 GHz.

Figure 5.20:

(a) surface deposition; (b) surface and side deposition of platinum on the SU-8

substrate
Therefore, with the optimum parameters in Table 5.3, the response of the realised power sensor
is expected to be between the red and green responses in Figure 5.23.

Figure 5.21:
5.5.

Simulated result when the side deposition takes all the thickness of the substrate.

Thermal properties of the sensor structure

In this section, the thermal properties of the power sensor structure is considered. The operating
temperature and the corresponding dissipated power of the thin film element are investigated.
The width w of the thin film is 220 μm, the length is equal to the height of the modified
waveguide of 1.14 mm. At the room temperature T = 20 0C, the resistance of 3 nm platinum
thin film should be
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R(200 C )   (200 C )

b
 182 
d .w

(5.16)

where the bulk resistivity ρ(200C) = 105 nΩm. The effective resistivity of the platinum film
reduces by more than three times as the thickness becomes less than 10 nm [26]. Therefore, the
actual deposited film should be thicker than the predicted thickness from bulk resistivity. On
the other hand, the film thickness should be smaller than the skin depth of platinum at 94 GHz,
that is 532 nm [27], so that the d-c resistance is equal to the r-f resistance.
The relationship of platinum thin film resistance versus temperature is accurately described by
Callender Van-Dusen equation [28].

RT  R0 (1  AT  BT 2  100CT 3  CT 4 )

(5.17)

where RT is the resistance at temperature T(0C)
R0 is the resistance at the nominal temperature of 00C
A = 3.908 ×10-3
B = -5.775 ×10-7
C = -4.183 ×10-12
The constant C is very small compared to A and B, the third and fourth order of T are often
omitted. At the operating condition, the thin film needs to be heated to reach the operating
resistance of 200 Ω. The temperature TR can be calculated by solving the equation 5.17 as
follows.
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TR 

 R0   R02 2  4 R0( R0  RT )
 47.8 0 C
2 R0

(5.18)

Moreover, the temperature sensitivity of the thin film can also be derived from equation 5.17.
δR
 R0 (   2T )
δT

(5.19)

The temperature sensitivity at the ambient temperature of 20 0C and the operating temperature
of 47.8 0C is 0.655 Ω/0C and 0.65 Ω/0C, respectively. There is a negligible change in the
sensitivity. Therefore, in the small range of temperature, the resistance is considered to be linear
with its body temperature.
At operating condition, the platinum thin film is slightly hotter than the surrounding
environment. As a result, there is a constant heat flow from the thin film which can be analysed
in six main paths as shown in Figure 5.22.

Figure 5.22:

The heat flow paths in the power sensor. The dimension of SU-8 layers are

exaggerated for clarity
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On the first path, the heat goes directly from the surface of the thin film to the air by convection.
In the opposite direction, the heat flows through the SU-8 substrate to the air. In direction 2
and 2’, heat transfer follows the electrodes between the two SU-8 layers, and simultaneously
flows through the SU-8 layers to the metal body of the power sensor in direction 3 and 3’. The
heat transfer can be modelled in the thermal circuit in Figure 5.23.

Figure 5.23:

The equivalent thermal circuit of the power sensor structure.

The thin film is now presented by a temperature source T = 47.8 0C while the ambient
temperature T∞ = 20 0C. Rc1 and R’c1 represent the convection thermal resistance through the
surface area which is equal to the thin film element area. R1 is the conduction thermal resistance
of SU-8 substrate in direction 1’. The heat transfer in direction 2 and 3 can be combined in the
conduction thermal resistance R2. The isolation layer and the substrate of the thin film layer
extend along the electrode and their thicknesses are much greater than the thin film thickness.
The heat can have a sphere distribution with the centre being at the point of connection between
the thin film and the electrode. The medium of the heat flow is SU-8. The heat transfer
resistance R2 can be approximated as [29].

R2 

R0

k

r0

dr
 7190 K/W
2

2

r
SU 8

(5.20)
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where r0 is half of thin film width w and the height of the electrode R0 is approximately18 mm.
The other thermal resistances for conduction and convection modes can be easily calculated by
the equations in [29] as discussed in Chapter 4. The values of the thermal resistances are
presented in Table 5.4.

Table 5.4:

Thermal resistance

Value (KW-1)

R1

0.997

R2

7190

Rc1

797.5×103

The thermal resistance of the equivalent thermal circuit in Figure 5.23.

The heat flow in direction 1 and 1’ can be calculated as

 1
1 
4
Q1  T  T  
  1.6110 W
 Rc1 R1  Rc1 

(5.21)

The heat flow in direction 2,2’, 3 and 3’ is

Q2  2

T  T
 7.73 103 W
R2

(5.22)

Consequently, the total heat flow is Q = Q1+Q2 = 7.82 mW
The calculation of the heat transfer shows that most of the heat flows in direction 2,2’, 3 and
3’. The total heat flow from the thin film at the operating temperature is 7.82 mW.
Thermal simulation was also used to validate the thermal analysis. In the simulation, the
assembled W-band power sensor is used, the dimensions of the sensor are determined in the
previous section. The thin film is set as a temperature source of 47.8 0C. The surrounding area
in set at the ambient temperature of 20 0C. The physical properties of the surrounding space is
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input as those of the dry air with the convection constant of 5 W/(km2) and the thermal boundary
is isothermal. The total heal flow from the thin film is given at 7.52 mW that is quite close to
the calculated value of 7.82mW.

(a)

(b)
Figure 5.24:

The temperature distribution in the power sensor at the operating condition (a)

shows the whole thin film structure and (b) shows the distribution at the edge of the thin film.
At the thermal equilibrium, the dissipated power on the thin film is equal to the heat flow out
of it. The dissipation constant δ of the platinum thin film can be calculated as



P
 0.27 mW / 0 C
T  T

(5.23)
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Moreover, the power dissipated P indicates the limits in the microwave power range of the
power sensor. Therefore, the designed power sensor can measure up to 7 mW.
The power sensitivity of the platinum thin film can be obtained from equations 5.19 and 5.23
as follows
δR δR δT


 2.42  / mW
δP δT δP

(5.24)

The sensitivity is sufficient for a bolometer mount at the specified power range. It is also
similar to the sensitivity reported for Nickel thin films of similar sizes [5, 6].

5.6.

Fabrication of the W-band power sensor

The detailed dimensions of the power sensor layers are given in Appendix E. The waveguide
layers and brass plates were made by Computer Numeric Control (CNC) Machining. The
laboratory at the University of Birmingham was successfully made the SU-8 layers for isolation
layer and thin film layer substrate. The fabrication process is well documented in [30].
However, the main problem in the fabrication is in the deposition of platinum on SU-8 substrate.
At the temperature of the platinum evaporation process, the 50 µm SU-8 pieces tend to be
deformed. On the other hand, the deformation can be avoided if the deposition takes place when
the SU-8 layer has not been released from the Silicon wafer. However, the releasing process
will damage the platinum, because the solvent used to separate SU-8 and Si wafer is harmful to
the deposited platinum. The developed solution is to introduce a thin sacrificial layer of Polyacrylic acid (PAA) between the wafer and SU-8 layer, as the additional layer will be dissolved
in water and the thin platinum film will take no damage during the lift-off process.
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As an initial test the technique was used to produce thin film layers with 10 nm silver rather
than platinum deposited on one side as shown in Figure 5.25. The test layer was assembled with
the rest of the power sensor structure as shown in Figure 5.26.

Figure 5.25:

The thin film layer with 10nm silver deposited.

Figure 5.26:

(a) Thin silver film on Su-8 in the W-band sensor; (b) The tabs were removed

and two d-c terminals were attached to the structure ;(c) back view (d) a standard W-band
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waveguide attached to the front of the sensor, which can help the sensor to connect with the
measurement system in NPL.
The samples show good electrical connection between the two d-c terminals and good isolation
to the waveguide body. The assembly shows that realiable silver samples can be produced for
the W-band sensor. The Poly-acrylic acid (PAA) based process and the evaporator at the
University of Birmingham are used to fabricate thin film platinum.
Due to the time constraint, the platinum deposition has not been performed and the results
cannot be presented in this thesis. However, the fabrication progress proves that the W-band
power sensor can be fabricated. The design approach is believed to be able to reach Terahertz
frequency.

5.7.

The microwave power sensor design up to 300 GHz

The designed structure of WR-6 and WR-3 waveguide thin film power sensors are introduced
here. They are the scaled down version of W-band sensor as shown in Figure 5.27. All the layers
of the power sensor will be fabricated by SU-8 micromachining technique except the brass
plates. In both designs, the isolation layer and the thin film layer are 50 µm thick, the thin film
layers are fabricated by the same technique disused in the W-band design. Other SU-8 layers
are 640 µm and 432 µm for WR6 sensor and WR3 sensor, respectively.
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(a)

(b)
Figure 5.27:

WR6 and WR3 waveguide power sensor construction (a) before assembling (b)

assembled.
An additional feature of the high frequency design is the two choke flange to minimise the
microwave leakage as discussed in section 5.4.2. This is shown in Figure 5.28 below.
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Figure 5.28:

The structure of the layer carrying a circular choke with the parameters of the

choke ring, note that the depth of the choke ring is equal to the thickness of the layer.
The effect of the choke ring design can be seen in Figure 29. The techniques discussed in
section 5.4.2 is used to evaluate the amount of microwave leakage. For WR-6 or D-band
waveguide design, the 50 µm thin film layer and isolation layer can result in about 8% of
microwave leakage. The choke ring for WR-6 design has the following parameter rchoke = 1.16
mm, bchoke = 0.4 mm and gchoke = 0.2 mm, note the depth of the choke is equal to the SU-8 layer
thickness of WR-6 design of 640 µm.. The choke help to reduce the power leakage to below
0.5 % for most of the frequency band from 120 GHz to 160 GHz. This is shown in
Figure 5.29(a).
Similarly, the choke design in WR-3 design help to reduce the leakage from greater than 14 %
to less than 2% from 230 GHz to 300 GHz. The parameters of the WR-3 choke are as follows
rchoke = 0.6 mm, bchoke = 0.2 mm and gchoke = 0.15 mm, the depth of the choke is 432 µm. the
improvement if microwave leakage is presented in Figure 5.29(b).
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(a)

(b)
Figure 5.29:

Power leakage in WR-6 and WR-3 power sensor with and without the choke

ring design.
The detailed dimensions of the WR-6 and WR-3 designs are included in Appendix F and G,
respectively. Both power sensor is design to operate with platinum thin film as in W-band
design. The operating resistance is 200 Ω. The simulated sensor response of the designs can be
found in Figure 5.30. The WR-6 design has the matching at 128 GHz and the WR-3 design has
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the matching at about 280 GHz. It is worth noticing that matching at different frequencies can
be achieved by using various SU-8 waveguide layer thicknesses.

(a)

(b)
Figure 5.30:

The response of (a) the WR-6 waveguide and (b) the WR-3 waveguide power

sensor in Figure 5.28.
The introduced designs demonstrate the feasibility of the design techniques to high frequency
power sensor design up to 300 GHz and beyond.
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Chapter 6
Microwave Power Sensor with Integrated
Band-pass Filter Functions

The chapter introduces a novel approach in microwave power sensor design that can control
and improve the bandwidth of the design technique discussed in Chapter 4. The coupling matrix
method of distributed resonance two port network is described. The filter realisation with
rectangular waveguide resonators is then presented, in which the coupling matrix entries are
mapped to the physical dimensions of the resonators. Later, the work introduces the sensorresonator construction, and the method of integration of the sensor-resonator with filters. The
design approach utilises the advantages of filter design into power sensor design. In particular,
the specification of centre frequency and bandwidth can be easily implemented. The design of
X-band sensor with integrated third order Chebyshev band-pass filter function is introduced.
The fabrication and measurement are also presented.

144 | P a g e

6.1.

General Coupling Matrix Theory of Band-pass Filters

The coupling matrix method was first introduced by Atia and Williams for designing narrow
band-pass cavity filters [1, 2]. It is adventurous to use the matrix form to characterise a coupled
resonator filter network, because the synthesis can be performed on the coupling matrix with
normal algebraic operations and the topology of the filter can be reconfigured by such matrix
operations regardless which type of resonator is used [3]. The physical dimension of the
resonators in the filter circuit is then determined by the matrix elements. The coupling matrix
method is particularly suitable for narrow band-pass filter design because the derivation is based
on the narrow band width assumption.
In general, there are two ways to represent a two-port network by coupling matrix including:
(i) n × n coupling matrix [4] and (ii) n+2 coupling matrix [3], where n is the order of the circuit.
The latter method is considered to be more general than n × n coupling matrix, the n+2 matrix
includes the source and load couplings in its entries. In this work, the n × n coupling matrix is
reviewed as it is the milestone in understanding the coupling matrix presentation of a filter
circuit.
The general matrix A for a n coupled resonator network can be written as [4]

A  q  pU   jm

(6.1)

where [q] is n × n matrix containing the scaled external quality factor qe1 and qen




q  




1

0 
qe1
0
0 

0

 
0 

0 

0 
 
1 
qen 

(6.2)
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[U] is n × n identity matrix and p is the complex low-pass frequency variable

p j

1
FBW

  0 



 0  

(6.3)

The general coupling matrix [m] denotes the normalised coupling coefficient between
resonators.

 m11 m12
m
 21 m22

 m  



m
 n1 mn 2

mij
m ji

m1n 
m2 n 






mnn 

(6.4)

[m] is a reciprocal matrix (mij=mji) and the diagonal entries mii represent the self-coupling
coefficients which are zero for synchronous tuned filters.
The scattering parameter of the network can be calculated from the A matrix and the scaled
external quality factor as follows

S21  2

1
1
 An1
qe1  qen


2
1 
S11   1 
 A11 
 qe1


(6.5a)

(6.5b)

For all-pole Chebyshev band-pass filters, the scaled external quality factors and the normalised
coupling coefficients can be derived from low-pass prototype elements g0, g1…, gn+1 as
follows [4].
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qe1  g 0 g1
qen  g n g n 1
mi ,i 1  mi 1,i 

1
gi gi 1

for i  1 to n  1

(6.6)

mij  0 for i  j  1 and j  i  1
For arbitrary filter responses, complex solutions are available to determine the A matrix
components [3].
It is worth describing the topology of a two-port n coupled resonator filter in Figure 6.1. Qe1
and Qe2 are the external quality factors of the input and output resonators, respectively. Mij is
the coupling coefficient between resonator i and j. The parameters will be discussed in more
detail in section 6.2. If the coupling coefficients between non-adjacent resonator are zero (i.e.
Mij = 0 with i ≠ j+1 and j ≠ i+1), the filter is called a direct-coupled filter. Otherwise, it is a
cross-coupled filter.

Figure 6.1:

The topology of a two-port n coupled resonator filter.

The quality factors and coupling coefficients are related to the normalised quantities in the
matrix A as follows
qei
FBW

(6.7a)

M ij  mij  FBW

(6.7b)

Qei 
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where FBW is defined as the fractional bandwidth of the band-pass filter with the centre
frequency f0 and the passband-edge frequency f1 and f2 (f2 > f1).

FBW 

f 2  f1
f0

(6.8)

As an example of the coupling matrix, a third order Chebyshev band-pass filter with 10%
fractional bandwidth FBW and 0.0436 dB pass-band ripple at the centre frequency of 10 GHz
can be designed. First, the g value of the low-pass prototype can be determined by equations or
tabular values in [4], note that the order n = 3 and LAr = 0.0436 dB. The scaled external quality
factors and normalised coupling coefficients are calculated by equation 6.6. The A matrix of
the specified filter can be written as.

0 
0.117 0
1 0 0
1   0 



A   0 0 0   j
  0 1 0 
FBW   0  
 0
0 0 1
0 0.117

0.103
0 
 0

j 0.103
0
0.103 (6.9)
 0
0.103
0 

where ω0 = 2πf0 =20π×109 rad.
The reflection coefficient S11 and the transmission coefficient S21 of the filter can be computed
by equation 6.5. The S parameters are plotted in Figure 6.2. Filter has the centre frequency at
10 GHz, the minimum return loss of 20 dB can be seen in the pass-band from 9.5 GHz to
10.5 GHz. The pass-band ripple of 0.0436 dB is shown in Figure 6.2(b). The topology of the
filter is presented in Figure 6.2(c), note that the filter is direct-coupled meaning only coupling
between adjacent resonators i.e. 1 and 2 or 2 and 3 exists. The design parameters such as
external quality factors and coupling coefficients of the band-pass filter can be calculated by
equation 6.7 and are recorded in Table 6.1.

148 | P a g e

Figure 6.2:

(a) Third order Chebyshev filter response generated form the matrix in

equation 6.9; (b) the ripple of 0.0436 dB in the pass-band of the filter; (c) the topology of the
filter.

Pass-band

Pass-band

Quality

Quality

Coupling

Coupling

ripple LAr

reflection

factor Qe1

factor Qe3

coefficient

coefficient

M12

M23

1.031

1.031

coefficient
0.0436 dB
Table 6.1:

-20 dB

8.516

80516

The design parameters of the 3rd order Chebyshev filter with 10% FBW
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The design parameters are related to the physical dimension of the resonators forming the bandpass filter. The next section shows the realisation of filter by using rectangular waveguide
resonators.

6.2.

Realisation of Filter with Rectangular Waveguide Resonators

There are many types of microwave resonators in the filtering application, ranging from the
parallel or series RLC resonant circuits to distributed elements such as microstrip lines, circular
and rectangular waveguides. In this section, the rectangular waveguide resonator is reviewed
and used for a demonstration of a simple filter. The resonant frequency and the quality factor
of the resonator are discussed. The methods of extracting external quality factor and coupling
coefficient between two resonators are introduced.

6.2.1. Rectangular waveguide cavity resonators

Figure 6.3:

The geometry of a waveguide cavity, a and b are the standard dimensions of the

waveguide cross section, the waveguide is shorted at z = 0 and z = d.
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A waveguide resonator is constructed from a waveguide section with both ends being shorted,
thus a cavity is created as shown in Figure 6.3. The standing electromagnetic waves are formed
with in the cavity of the resonator. The wave solution of the electric fields and the magnetic
fields are reviewed in Chapter 3.
The short circuits at z = 0 and z = d results in the boundary condition of zero electric field at
both ends. As a result, the length d of the cavity should be an integer multiple of a half guided
wavelength regardless the mode of the standing wave in the cavity.

d l

g
for l  1, 2,3,...
2

(6.10)

The resonant mode in the cavity can be referred as TEmnl or TMmnl, where m, n and l are the
wave number of the standing wave in the x, y and z direction, respectively. In general, the
resonant frequency is given by [5]

f mnl 

c
2 r  r

2

2

 m   n   l 

    
 a   b  d 

2

(6.11)

Where c is the speed of light in vacuum, µr and εr are the relative permeability and relative
permittivity of the waveguide medium. In most cases, b < a < d, hence the TE101 mode has the
lowest resonant frequency and is the dominant resonant mode.
Another important parameter of a resonator is quality factor Q, which is defined as the ratio of
the average energy stored to the average energy loss. In other words, Q indicates the loss of the
resonator. The loaded quality factor Ql, is the combination of the internal loss, or unloaded
quality factor Q0, and the external loss, so-called external quality factor Qe, the relationship can
be written as [5]
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1
1
1


Ql Q0 Qe

(6.12)

Qe indicates the amount of power coupled to the output of the resonator. When the resonator is
not connected to or coupled by external ports i.e. shorted circuit at both ends of the cavity, the
external quality factor Qe is infinite and the loaded Q is equal to the unloaded Q.
The resonator loss can be due to conductor loss, dielectric loss or radiation loss, the unloaded
quality factor Q0 is the combination of all the losses of the resonator itself and given by [4]

1
1 1 1
  
Q0 Qc Qd Qr

(6.13)

where Qc, Qd and Qr are the unloaded Q corresponding to lossy conductor, lossy dielectric and
radiation, respectively.
For the case of enclosed waveguide cavity in Figure 6.3, there is no radiation to the
environment, thus Qr = ∞. The unloaded quality factor due to lossy conducting wall of the guide
Qc, and the lossy dielectric filling Qd can be found as [5]

Qc 

 4 b
1
3
2 3
3
 f  0  2l a b  2bd  l 2 a 3d  ad 3

Qd 

1
tan 

(6.14)

(6.15)

where σ is the conductivity of the waveguide wall material and tan δ is the loss tangent of the
dielectric material filling the waveguide.
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6.2.2. Extraction of external quality factor Qe
The coupling of the rectangular waveguide resonator with output ports or other resonators can
be realised in the form of coupling irises. Some common iris types are shown in Figure 6.4. The
coupling can be adjusted by controlling the area of the iris aperture. In general, the larger the
aperture is, the lower the external quality factor is.

Figure 6.4:

Some popular waveguide irises: (a) capacitive iris, (b) symmetrical capacitive

iris, (c) rectangular iris, (d) inductive iris, (e) symmetrical inductive iris and (f) circular iris.
Regardless type of waveguide iris, the coupling of a resonator with two external ports can be
presented by the lumped element model as shown in Figure 6.5 (a). The rectangular resonator
is presented by a parallel LC circuit, the resonant frequency of the resonator is 0  1

LC .

The external ports coupled with the resonator are presented by the conductance G1 and G2. In
order to have a very weak coupling at the second port, the conductance G2 should be very large
compared the conductance G1, the inductance and capacitance of the circuit.
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Figure 6.5:

(a) The equivalent circuit of the extraction of the external quality factor Qe, port

2 is weakly coupled to the LC circuit (i.e. G2 >> G1, L and C); (b) the transmission coefficient
of the resonator.
The following method of extracting Qe is useful for both symmetrical and asymmetrical
resonator, and can be applied for resonators other than the waveguide resonator. The detailed
derivation of the extracting Qe used in this thesis is included in Appendix H. This method can
be considered as an alternative formulations for extracting the external quality factor Qe such
as singly loaded resonator and symmetrically doubly loaded resonator discussed in [4].
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The external quality factor can be calculated from the display of the transmission coefficient
S21 in Figure 6.5(b) as follows.

Qe 

f0
f  f

(6.16)

where f+ and f- is the frequency at which S21 is reduced by 3 dB from its maximum value at the
resonant frequency f0.
Note that the realisation of the coupling by using irises alters the resonant frequency because
the condition of an enclosed cavity i.e. shorted at both ends in Figure 6.3 is not satisfied. Thus,
the length of the resonator needs to be adjusted, in order to move the central frequency back to
the designed value before the calculation of Qe by equation 6.16.

6.2.3. Extraction of coupling coefficient M
The coupling coefficient between two resonators can also be obtained by evaluating the
S parameter response. The equivalent lumped element circuit of the extracting method is shown
in Figure 6.6(a), in which the two resonators in the form of parallel circuit L1C1 and L2C2 have
the coupling coefficient M between them and weak couplings with the external ports. The
general formula to calculate the coefficient M is given by [4].

f 
1 f
M    02  01 
2  f 01 f 02 

2

 f p22  f p21   f 022  f 012 

 2
2 
2 
  2
 f p 2  f p1   f 02  f 01 

2

(6.17)

where f01 and f02 are the resonant frequencies of the resonators, the frequency fp1 and fp2 are the
peak frequenies obtained from the S21 response of the coupling circuit. The plus and minus
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signs differentiate coupling types such as magnetic, electric or mixed. Nevertheless, the positive
of negative coupling have relative meaning. If one particular coupling is referred as positive
then the negative coupling has the opposite phase response of S21 to that of the positive
coupling. Equation 6.17 can be used to calculate the coupling coefficient between any two
asynchronously tuned coupled resonators regardless of the coupling natures. More detailed of
the derivation of the equation can be found in [4].

Figure 6.6:

(a) The equivalent circuit of the extraction of the coupling coefficient M, the

output ports are weakly coupled to the resonant circuits; (b) the transmission coefficient of the
coupling circuit.
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For synchronously tuned coupled resonator (i.e. f01 = f02), the coupling coefficient can be
calculated as.

M 

f p22  f p21
f p22  f p21

(6.18)

Note that the S21 parameter of the extraction in Figure 6.6(b) indicates the peak frequencies.
For narrow-band application, the centre frequency can be approximated as [4]
f0 

f p1 f p 2

(6.19)

The coupling between two rectangular waveguide resonators can be realised by one of the irises
in Figure 6.4. In order to make the two resonator synchronously tuned, the lengths of the
resonators should be equal. Like the extraction of quality factor, the enclosed cavity condition
is also no longer satisfied due to the opened aperture between the two resonators. Thus, the
length of the resonators should be adjusted from the initial value in equation 6.10 to tune the
centre frequency by equation 6.19 before applying the calculation of M by equation 6.18.

6.2.4. Examples of a third order filter realisation
This section presents a third order Chebyshev filter realised by rectangular waveguide
resonators at the centre frequency of 10 GHz. The topology and filter response calculated from
the corresponding coupling matrix are in Figure 6.2. The design parameters including the
coupling coefficient and the external quality factor of the filter can be found in Table 6.1.
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The filter is realised by using capacitive irises. The extraction of the external quality factor and
coupling coefficient of the X-band rectangular resonator at 10 GHz are discussed in
section 6.4.2 and 6.4.3. Here, the results are used to integrate the filter as shown in Figure 6.7.

Figure 6.7:

The structure of a 3rd order Chebyshev filter, the specifications of the filter are

in Table 6.1, only half of the filter is shown in the figure.
The iris thickness t is 2 mm. The iris gap d and the length L of the resonators are selected from
the extraction of the external quality factor and the coupling efficient in order to satisfy the
design parameters in Table 6.1. The initial values of the filter dimensions are included in
Table 6.2. Note that the dimensions of the first and the third resonator are identical. The initial
simulated response of the filter is produced by full wave simulation, it is shown in Figure 6.8.
Parameter
d1
d2
d3
d4
L1
L2
L3
Table 6.2:

Initial values
5.42 mm
3.5 mm
3.5 mm
5.42 mm
22.57 mm
21.79 mm
22.57 mm

Optimised values
6.25 mm
4.09 mm
4.09 mm
6.25 mm
25.04 mm
24.15 mm
25.04 mm

The initial and optimised values of the dimensions of the filter in Figure 6.11.
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Figure 6.8:

The initial and optimised response of the designed third order Chebyshev filter.

It can be seen that the initial simulated response of the filter has the characteristic of a third
order filter as the reflection coefficient S11 has three transmission zeros. However, the centre
frequency is shifted from the designed frequency of 10 GHz, and the return loss in the passband is about -14 dB. The optimisation is performed by the full wave simulation. The optimised
response of the filter is also shown in Figure 6.8 for comparison. The deviations in the centre
frequency and return loss are eliminated by adjusting the dimensions of the filter. The updated
dimensions are included in Table 6.2. It is worth mentioning that the optimised response is
identical to the filter response computed by the coupling matrix synthesis in Figure 6.2.

6.3.

Integration of Microwave Power Sensor with Filter

This section discusses the integration the power sensor designed in Chapter 3 into the filter
structure, in order to control and consequently improve the bandwidth of the integrated sensor.
The conventional sensor is modified to turn into a resonator. The sensor-resonator, denoted as
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R, will replace the last resonator and the output port in the filter topology in Figure 6.1; the new
topology of the integration is shown in Figure 6.9. The coupling matrix of the integration is
presented.

Figure 6.9:

The topology of the power sensor with integrated band-pass filter function.

6.3.1. Sensor-resonator
The sensor structure discussed in Chapter 3 is indeed a resonator at the designed frequency f0.
In order to be coupled with other waveguide resonator, an iris should be added to the structure
while preserving the existing resonance. Figure 6.10 shows an example of the realisation of the
sensor-resonator by adding a capacitive iris. Note that other types of irises in Figure 6.4 are
applicable.

Figure 6.10:

The sensor-resonator structure realised by adding a capacitive iris to the

conventional power sensor structure discussed in Chapter 3
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As discussed in Chapter 2, the mount of the sensing element, presented by R + jX impedance,
is placed at the position where the transverse electric field Ey is maximum.
When the cavity is enclosed (i.e. diris =0), the position of the iris should be where the electric
field is zero, so that the resonant frequency is maintained and the boundary condition (i.e.
│Ey(z = 0)│=│Ey(z = 2Ls)│=0) is satisfied. For symmetrical structure, the length of the cavity
is double that of the short length Ls.
When the sensor-resonator is coupled with an output port i.e. diris > 0, the loaded quality factor
Ql of the resonator can be written as follows

1 1 1
 
Ql Qe Q0

(6.20)

Where Qe is the external quality factor which is related to the width diris of the iris, Q0 is the
unloaded quality factor which can be further elaborated as

1
1 1 1
1
   
Q0 Qc Qd Qr Qer

(6.21)

Where Qc, Qd and Qr are the quality factor corresponding to the conductance loss, dielectric
loss and radiation loss, respectively. Since there is no loss in dielectric and radiation as well as
the cavity wall, Qd , Qr and Qc are infinitive. Therefore, Q0 is equal to Qer which is accounted
for the power loss due to the absorption of the resistive sensing element in the cavity.
The topology of the sensor-resonator excited by one output port is shown in Figure 6.11(a). The
power absorbed by the sensing element can be considered as an output with the power going to
the element rather than an output port. This is shown in Figure 6.11(b).
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Figure 6.11:

(a) Topology of the sensor-resonator; (b) equivalent topology of the resonator.

In this topology, the quality factor Qer has the role of the external quality factor of the equivalent
resonator, the unloaded quality factor Q’0 can be taken as infinity. As a result, the topology in
Figure 6.9 can be transformed to an equivalent topology as shown in Figure 6.12.

Figure 6.12:

The equivalent topology of the power sensor integrated band-pass filter function

in Figure 6.7.
The device described by the above topology is called filler-sensor in this thesis, the
mathematical presentation of the device is covered in the following section.
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6.3.2. Coupling matrix presentation of the integration of the sensor with filter
The topology in Figure 6.12 is similar to the n coupled resonator filter circuit discussed in the
previous section, thus, it can be described by the A matrix as follows

1
q
 e1
 0
 A  


 0


0
0

0


0 

0 


1 

qer 

1 0
0 1
p


0 0

0
0 



1

 m11 m12
m
m22
j  21


 mn1 m n 2

m1n 
m2 n 


mnn 

(6.22)

where qer is the scaled quality factor of the sensor-resonator, mni and min (i = 1 to n - 1) are the
normalised coupling coefficient between the sensor-resonator with other resonators and mnn is
the normalised self-coupling coefficient of the sensor-resonator.
The reflection coefficient S11 of the integration can be calculated by equation 6.5b as

2
1 
S11   1 
 A11 
 qe1


(6.23)

It is worth mentioning that the filter-sensor is in fact a one port device, hence the calculation of
S21 by equation 6.12a, although possible, does not have physical meaning.
It can be seen that the synthesis of filter-sensor can be applied in the same manner as the filter
design. Each entry in the A matrix in equation 6.22 can be related to a physical dimension of
the realised filter-sensor structure. The coupling coefficient between resonators can be extracted
by the method discussed in section 6.2.3, the extraction of the external quality factor of the
conventional resonator is introduced in section 6.2.2. Finally, the extraction of the quality factor
Qer is presented in the next section.
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6.3.3. Extraction of external quality factor Qer of the sensor-resonator
Unlike the resonator in section 6.2.2, the sensor-resonator is a lossy resonator. As discussed in
section 6.31, the measurement of the quality factor Qer is in fact the measurement of the
unloaded Q0 when there is no other loss than the power absorbed by the sensing element. The
equivalent lumped element model of the extraction is shown in Figure 6.15(a), in which the
resonator is presented by the parallel circuit GLC. The conductance Ge presents the external
port coupled with the resonator. The detailed derivation of the method of the extraction can be
found in Appendix I.

Figure 6.13:

(a) Equivalent circuit of the extraction of quality factor or a lossy resonator; (b)

the typical the reflection coefficient of the one-port measurement of the resonator.
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The external quality factor Qer of the sensor resonator can be calculated by evaluating the
reflection coefficient of the resonator and given by

1 
Qer 
( f a )

2

S11 ( f a )  S11 ( f 0 )
1  S11 ( f a )

2

2

(6.24)

where f0 is the centre frequency, fa is some frequency other than the resonant frequency f0. ( f a )
is defined as

( f a )  1 

f 02
f a2

(6.25)

The coupling coefficient β can also be determined from the magnitude of S11 at the resonant
frequency as follows.



1  S11 ( f 0 )
1  S11 ( f 0 )

(6.26)

The value of the coupling coefficient can be greater or smaller than unity, which corresponds
to the case in which the resonator is over-coupled or under-coupled, respectively. A critically
coupled condition is obtained when β is equal to unity. How the cavity is coupled can be
determined from the gradient of the phase at the resonant frequency [6].
d
df


f  f0

2Q0 2
f0 1  2

(6.27)

It can be easily seen that the gradient is positive, if β is smaller than unity and vice versa.
The quality factor Qer can be calculated from equation 6.24 at a number of frequencies fa near
the resonant frequency, the values are then averaged to obtain a more accurate value of Qer [6].
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6.4.

The Design of X-band Sensor with Integrated Third Order Filter Functions

In this section, the design of an X-band power sensor integrated with third order Chebyshev
filter function is presented. The equivalent topology of a third order filter sensor is shown in
Figure 6.14, in which the third resonator is the sensor –resonator with the equivalent external
quality factor Qer as discussed previously.

Figure 6.14:

Equivalent topology of third order Chebyshev filter-sensor

The topology is realised by rectangular waveguide resonators and a bead thermistor sensorresonator, which is similar to the sensor design in Chapter 4, at the centre frequency of 10 GHz.
In order to have the similar reflection coefficient to the third order Chebyshev filter in
Figure 6.6, the external quality factor and the coupling coefficient of the topology in Figure 6.18
should be identical to the design parameters in Table 6.1. The design parameter of the third
order filter-sensor are summarised in Table 6.3 below.

Fractional
Bandwidth

Passband
ripple

10%

0.0436 dB

Table 6.3:

Pass-band Quality
return
factor Qe
loss
-20 dB

8.516

Quality
factor Qer

Coupling
coefficient
M12

Coupling
coefficient
M23

8.516

1.031

1.031

Specification of 3rd order filter sensor with 10 % FBW

In the following section, each design parameter is realised for the waveguide resonator using
capacitive irises. The structure of the filter-sensor is introduced. The fabrication and
measurement of the device are also presented.
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6.4.1. Extraction of the external quality factor Qer of the X-band sensor-resonator
using a bead thermistor as the sensing element

Figure 6.15:

The simulation structure of X-band sensor-resonator (a) waveguide body (b)

PCB (c) schematic including the thermistor circuit.
The extraction of the external quality factor Qer of the sensor-resonator by evaluating the
scattering response was presented in section 6.3.3, the electromagnetic simulation such as CST
can be used to obtain the reflection coefficient of the X-band sensor-resonator. The sensorresonator structure is shown in Figure 6.15(a) for one-port simulation, the thermistor mount

167 | P a g e

(see Chapter 4) is placed in the middle of the cavity. Figure 6.15(b) shows the inner structure
of the resonator and the equivalent circuit of the bead thermistor is presented in Figure 6.15(c).
The external quality factor at different resistances of the bead thermistor was first extracted. It
should be noted that the equivalent capacitance of the thermistor is dependent on the d-c
resistance of the bead (see section 4.1), the estimated capacitance values in Figure 4.3 is used
for the bead resistance up to 300 Ω. For larger d-c resistances, the capacitance of 0.1 pF was
used. At different resistances, the cavity short length Ls also needs to be adjusted to maintain
the resonant frequency of f0 = 10 GHz. In this extraction the track width w of the PCB is

120

17.5

100

17

Qer

80

16.5

60
16

40

Qer
Ls

20
0
0

Figure 6.16:

500

1000
1500
R (Ω)

2000

Ls (mm)

remained at 3 mm. The result of the extraction is shown in Figure 6.16.

15.5

15
2500

Extraction of Qer with the resistance of the bead thermistor.

It can be seen that the quality factor Qer of the sensor-resonator increase with the rise in the bead
resistance. At 100 Ω resistances, Qer is still greater than the target external quality factor of
8.516 in Table 6.3. The extraction was performed at the bead resistance of 100 Ω and with
different copper track width w of the PCB as shown in Figure 6.15(b). Note that the equivalent
circuit of the thermistor bead at 100 Ω operating resistance consists of a 100 Ω resistance in
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parallel with 0.143 pF capacitor. The relationship between the external quality factor Qer and
the copper track width w is presented on Figure 6.17. The larger the width is, the lower the
quality factor can be obtained. When w is 4.65 mm and Ls is 15.166 mm, the extracted quality

14

15.5
15.45
15.4
15.35
15.3
15.25
15.2
15.15
15.1
15.05
15
14.95

13
12

Qer

11
10
9
8

Qer
Ls

7

6
2.5

Figure 6.17:

3

3.5

4
w (mm)

4.5

5

Ls (mm)

factor is about 8.5 which is very close to the design parameter value in Table 6.3.

5.5

Extraction of Qer at R=100 Ω and different track width w of the PCB

6.4.2. Extraction of the external quality factor of the X-band rectangular waveguide
resonator
In order to extract the external quality factor of a rectangular waveguide cavity for the input to
the filter-sensor, the two port measurement technique is used. The simulation model is shown
in Figure 6.18. The cavity length is L1. The coupling between the resonator and the waveguide
port is controlled by the first iris width d1. The iris width d is kept very small at 0.01 mm for
very weak coupling at the right waveguide port.
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Figure 6.18:

Two port measurement to extract the quality factor (a) cut side view (b) cut

70
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40
30

Qer
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The full wave simulation gives the transmission coefficient S21 of the two port simulation, the
method of extracting the external quality factor introduced in section 6.2.2 is applied. The
external quality factor was extracted at different the iris gap d1. The cavity length L1 needs to
be adjusted at different values of d1 to keep the resonant frequency at 10 GHz. The result of the
extraction is presented in Figure 6.19.
The results shows that the external quality factor Qe reduces as the iris aperture increases as
discussed in section 6.2.2. As the required external quality factor is 8.516, the iris gap d1 is about
5.42 mm and L1 is approximately 22.57 mm.

6.4.3. Extraction of the coupling coefficient between the X-band rectangular
waveguide resonators

Figure 6.20:

Measurement to extract coupling coefficient (a) cut side view (b) cut perspective

view
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In order to extract the coupling coefficient between two synchronous tuned coupled-rectangular
waveguide resonators, the set-up in Figure 6.20 is used. The iris gap d was kept very small for
weak coupling from the resonators to the output ports. The coupling between the two resonators
is related to the iris width d2 between them. The cavity lengths are equal at L2 for both cavities
in order to keep them resonating at the same frequency.
The electromagnetic simulation provides the transmission coefficient S21. By using the
extraction method introduced in section 6.2.3, the coupling coefficient between the two
resonators can be calculated. The coupling coefficient was extracted at different the iris gap d2.
The cavity length L2 needs to be adjusted at each value of d2 to keep the centre frequency at
10 GHz. The result of the extraction is presented in Figure 6.21.The result suggests that the
coupling coefficient between the two resonators increase when the iris aperture gets larger. The
required coupling coefficient is 1.031, hence the iris gap d2 is about 3.5 mm and L2 is
approximately 21.79 mm.
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6.4.4. Filter-sensor integration
From the previous extraction of quality factors and coupling coefficients, the filter-sensor
topology in Figure 6.14 is realised as shown in Figure 6.22. The initial dimensions of the
structure are listed in Table 6.4.

Figure 6.22:

The filter-sensor integration (a) cut side view (b) cut perspective view

(c) Schematic including the thermistor circuit
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Parameter
w (mm)
d1 (mm)
d2 (mm)
d3 (mm)
L1 (mm)
L2 (mm)
Ls (mm)
Table 6.4:

value
4.65
5.42
3.5
3.5
22.57
21.79
15.17

Initial dimensions of the filter sensor integration

The response of the structure from the initially extracted dimensions is obtained by
electromagnetic simulation as shown in Figure 6.23. It clearly is not the targeted filter response
of S11 in Figure 6.2. An optimisation process is required to improve the response.

Figure 6.23:

Initial response of the filter-sensor integration

The optimisation is performed by built-in algorithm in CST Microwave Studio. The goal is to
obtain the filter-like response in Figure 6.2. The criteria of the optimisation are as follows:


S11 > -20 dB from 9.5 GHz to 10.5 GHz



S11 < -20 dB from 8 GHz to 9.5 GHz



S11 < -20 dB from 10.5 GHz to 12 GHz
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The optimisation of the filter-sensor response is divided into three stages:


Stage 1: use the equivalent filter with the same topology to optimise the resonator
lengths L1 and L2.



Stage 2: optimise the sensor-resonator related parameters including the cavity length
Ls, the iris gap d3 and the width w of the PCB accommodating the bead thermistor.



Stage 3: final optimisation on all parameters.

The optimised result is shown in Figure 6.24, and the updated parameters are recorded in
Table 6.5.

Figure 6.24:

Optimised result of the integration of sensor-resonator to filter

The optimised response has the characteristic of the reflection coefficient of a third order
Chebyshev filter, the insertion loss in the pass-band is lower than 15 dB. The simulation at this
stage is for the inner structure of the filter-sensor. The further optimisation will be run after the
design of the complete structure of the power filter-sensor discussed in the following section.
The optimised parameters are recorded in Table 6.5.
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Parameter
L1 (mm)
L2 (mm)
d1 (mm)
d2 (mm)
Ls (mm)
d3 (mm)
w (mm)
Table 6.5:

Before optimisation
22.57
21.79
5.42
3.5
15.17
3.5
4.65

After optimisation
24.19
23.37
5.44
3.12
15.10
4.54
3.51

The record of all parameters before and after optimisation process

6.4.5. The structure of the third order filter-sensor
The structure of the filter-sensor is shown in Figure 6.25. In fact the structure of the filter-sensor
is very similar to the structure of the sensor in Chapter 4. The most noticeable difference
between the two devices is that the front waveguide part of the X-band filter-sensor consists of
three capacitive irises. The description of the construction of the waveguide and the PCB
accommodating the bead thermistor can be found in section 4.1.3.

Figure 6.25:

The structure of the X-band filter-sensor in 3D design environment.

By using the updated dimensions in Table 6.5, the initial reflection coefficient was obtained
and shown in Figure 6.26 as the red dashed line. The response is different from the optimised
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result of the integration because the PCB introduces a discontinuity between the two waveguide
parts. As a result, the dimensions of the filter sensor need to be further optimised to compensate
for that effect. The optimised result is also included in Figure 6.26 as the green line, the pass
band is well below -20 dB. The corresponding parameters are presented in Table 6.6.

Figure 6.26:

The reflection coefficient of the filter-sensor
Parameters
L1 (mm)
L2 (mm)
d1 (mm)
d2 (mm)
Ls (mm)
d3 (mm)
w (mm)

Table 6.6:

Initial
24.19
23.37
5.44
3.12
15.10
4.54
3.51

Optimised
24.52
23.59
5.88
3.35
14.94
4.66
3.54

Optimised parameter of the filter-sensor for the initial and optimised responses

Compared to the ideal response from the coupling matrix, the -20 dB bandwidth is 80% of the
ideal value that could be resulted by the optimisation algorithm built-in the electromagnetic
simulation software. In addition, the realisation of the filter response at 10% FBW could reach
the limit bandwidth of the coupling matrix theory because the design theory is based on the
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narrowband assumption. Nevertheless, the band width of the simulated filter-sensor is much
larger than that of sensor designed in Chapter 4 as shown in Figure 6.27.

Figure 6.27:

Comparison between simulated responses of the sensor in chapter 4 and the

X band filter-sensor
The electric field at frequencies where minima in S11 of the filter–sensor was observed. The rms
amplitude of the fields are shown in Figure 6.28. It can be seen that at the frequencies of 9.6
GHz, 10.05 Gz and 10.4 GHz, the maximum electric field strength is found at the thermistor
mount position. That indicates the microwave power is absorbed by the thermistor across the
bandwidth of the filter-sensor. In fact, the filter-sensor is one-port device, when incident power
is not fully reflected, the thermistor is the lossy component that can dissipated the incident
power.
The same amplitude of the electric field at the investigated frequencies also suggest the same
absorptivity. Therefore, the efficiency of the power sensor at the frequencies of minimum
reflection coefficient should be equal. In practice, the effective efficiency of the sensor can vary
across the operating bandwidth of the sensor. The values of calibration factor and effective
efficiency can be obtained by the calibration service at each frequency of interest.

178 | P a g e

Figure 6.28:

The rms amplitude of the electric field inside the filter-sensor structure at

(a) 9.6 GHz, (b) 10.05 GHz and (c) 10.4 GHz.
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The new design of filter-sensor has shown a huge improvement in the bandwidth of the
microwave power sensor, it has the -20 dB bandwidth of 0.8 GHz at 10 GHz centre frequency.
In this design, the traditional sensor is considered in term of a resonator and is integrated at the
end of a series of resonators with a similar topology to microwave filter design.

6.4.6. Fabrication and measurement
The filter-sensor at X-band was fabricated at Birmingham by same technique and materials as
the X-band power sensor. The PCB was fabricated with circular electrodes as shown in Figure
6.29(a). The waveguide parts are made by two halves and joined together by M3 screws. The
fully assembled X-band filter-sensor is shown in Figure 6.29 (b) with the PCB being clamped
between the front waveguide part and the short waveguide part. The red and blue cables are
attached to the waveguide body in order to apply d-c power to the thermistor at the centre of
the PCB. The detailed structure with dimensions of all parts can be found in Appendix J.
The X-band filter-sensor was measured by the same set-up used in the measurement of the
X-band sensor presented in Chapter 4. By using the NPL-UK auto-balancing circuit reviewed
in Chapter 2, the thermistor can be biased to any resistances for testing. The reflection
coefficient, the sensor linearity, the effective efficiency and the calibration factor of the X-band
filter-sensor are sequentially evaluated.
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(a)

(b)

(c)
Figure 6.29:

(a) The fabricated PCB for the X-band filter-sensor (b) the waveguide parts after

assembling and (c) the fully assembled X-band filter-sensor.
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Measurement of the reflection coefficient
The NPL balancing circuit is used to automatically maintain the bead thermistor to 100 Ω. The
sensor is connected to one port of the VNA setup in order to measure the refection coefficient.
The measured response is shown in Figure 6.30, it has the characteristic of the reflection
coefficient of a third order filter. However, the return loss in the band pass is about 15 dB. The
differences between the measured and simulated response may be due to many factors but the
approximation of the bead thermistor circuit components is the major factor as discussed in the
measurement of the X-band sensor.

Figure 6.30:

The measured and simulated reflection coefficient of the X-band filter-sensor at

100 Ω thermistor resistance.
The measured response can be tuned by introducing M2 tuning screws. The first two
conventional waveguide resonators have the tuning screws at the centre of the cavity, the
sensor-resonator has two screw poisoned symmetrically at the two sides of the PCB as shown
in Figure 6.29(c). The tuned response of the filter-sensor at 100 Ω thermistor resistance is
presented in Figure 6.34. The reflection coefficient has the maximum in the pass-band at -15 dB
and the centre frequency is about 9.8 GHz
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Figure 6.31:

The tuned S11 parameter of the X-band filter-sensor by tuning screws at 100 Ω

thermistor resistance.
The extraction in section 6.4.1 shows that the thermistor’s d-c resistance can affect the quality
factor Qer of the sensor-resonator. Therefore, the response of the filter-sensor can be further
improved. By adjusting the thermistor resistance to 150 Ω and applying tuning screws at the
resonators, the pass-band of the reflection coefficient can be brought down to -20 dB and the
centre frequency was moved to 9.98 GHz as indicated in green in Figure 6.32.

Figure 6.32:

The reflection coefficient of the X-band filter-sensor at 150 Ω thermistor

resistance and the ideal third order Chebyshev filter response in comparison.
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Compared to the ideal S11 of a third order Chebyshev filter, the measured response has a smaller
-20 dB bandwidth of about 80 % of the ideal filter response. In the following section, the filtersensor is measured at 150 Ω operating condition where the best insertion loss is obtained.

Measurement of the linearity with power
Similar to the measurement with microwave input powers of the X-band sensor in section 4.4.3,
the filter-sensor is tested with the measurement set-up in Figure 4.22 at 10 GHz. The autobalancing circuit is used to maintain the thermistor resistance at 150 Ω. The voltage on the
thermistor is monitored before and after the input of microwave power from the signal
generator. The relationship between the substitutional d-c power Psub and the input microwave
power Pin is plotted in Figure 6.33. The red dots are the measured points at different input

Psub (mW)

powers up to 12 mW and the linearity can be seen by the blue fitted line
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The relationship between input power and substitutional power at 150 Ω

thermistor operation of the X-band filter-sensor.
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The mathematical relationship can be obtained by using linear regression algorithm, which
gives

Psub  0.9029Pin  0.0307 (mW)

(6.28)

The correlation coefficient r of 0.9999 suggests an excellent positive linear relationship. The
common error variance σ of 17×10-3 indicates the small errors obtained. The measurement
validates the usability of the sensor for the power application.

Measurement of effective efficiency and calibration factor
The calibration factor and the effective efficiency of the filter-sensor at 150 Ω operation can be
obtained from the data of linearity measurement at the University of Birmingham as discussed
in section 4.4.4. The parameters were also obtained at National Physical Laboratory. Table 6.7
summarises the results from both places.
Measurement lab
University of
Birmingham
National Physical
Laboratory
Table 6.7:

VRC
0.033∠157.610

Calibration factor
0.9029

Effective efficiency
90.41%

0.037∠163.830

0.8877

88.90%

The calibration factor and effective efficiency form the measurement at the

University of Birmingham and National Physical Laboratory.
The same discussion in the measurement of X-band sensor can be applied. The more accurate
values of the calibration factor and effective efficiency can be obtained from the NPL
measurement. The values obtained from Birmingham are quite close to the NPL numbers that
shows confidence in the previous measurements of the X-band filter-sensor.
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Chapter 7
Conclusion and Future Work

7.1.

Conclusion

This work presents two design techniques of the microwave power sensors which can be used
as power transfer standard at National Physical Laboratory in the United Kingdom. The power
sensors are of bolometric type where the dissipation of microwave power results in the change
of the resistance of the sensing element. The d-c substitution power compensating for the
resistance change indicates the amount of incident power to the sensor.
The first design technique is based on transmission line theory. Several applications of the
technique has been reported in the literature, however, the detail of mathematical analysis and
design process has not been explicitly documented. The conventional microwave power sensor
is considered in terms of a transmission line consisting of a complex impedance load placed at
the appropriate distance from a short at the end of the line. The relationship between the
impedance of the mount and the electrical short length is obtained, in order to satisfy the
matching condition of the sensor. The approach results in narrow band sensor response. In the
design process, the impedance of the mount can be extracted with the aid of a full wave
electromagnetic simulator.
The first application of the technique described in the thesis is the X-band power sensor
operating at 10 GHz. The sensor utilises a bead thermistor as the sensing element. The
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thermistor is modelled in the simulation by its equivalent circuit. At operating condition, the
thermistor has the resistance of 200 Ω. The dimensions of the thermistor mount in the
waveguide are determined by the transmission line design process followed by optimisation in
the electromagnetic simulator. The X-band sensor is fabricated and measured at the University
of Birmingham. By tuning the d-c resistance of the thermistor to 400 Ω, the measured reflection
coefficient of the sensor has the centre frequency at 10 GHz, the -15 dB bandwidth is about
250 MHz. The sensor shows an excellent power linearity. The calibration with the multi-state
reflectometer at NPL gives the effective efficiency of 85%.
The second design based on transmission line theory is the W-band power sensor at 94 GHz.
The sensor uses a narrow platinum thin film placed at the transverse plane of the W-band
waveguide. The thin film is modelled as an Ohmic sheet in the full-wave simulation. The
simulation model is validated by two comparisons between the theoretical analysis and
simulated results of (i) the transmission of the electromagnetic wave in a waveguide through a
metallic thin film and (ii) the reactance of a transverse narrow thin film in waveguide. The
dimensions of the sensor is determined so that the impedance matching in the waveguide is
obtained at 94 GHz. The simulated sensor response has the centre frequency at 94 GHz and
the -20 dB band width of 5 GHz. The W-band sensor design can be scaled to work at higher
frequencies up to 300 GHz. The design and simulated response of the D-band waveguide and
WR-3 waveguide power sensor are presented.
The second design technique, is entirely new, and is based on the synthesis of the coupling
matrix of a two-port resonator network. The conventional power sensor designed by the first
technique is integrated with the network as the last resonator. The integration results in
microwave power sensor having filtering transfer function, the response is described by the
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coupling matrix. The bandwidth of the device can be controlled and subsequently improved.
For demonstration of the design ideas, an X-band thermistor power sensor with integrated third
order Chebyshev filter function is realised by rectangular resonators with capacitive irises. The
sensor is designed to have 10% fractional bandwidth at 10 GHz, when the thermistor is biased
at 100 Ω. The fabricated filter-sensor, without tuning, has the response of a third order
Chebyshev filter, the maximum pass-band return loss is 15 dB and the centre frequency is
9.8 GHz. By adjusting the operating resistance to 150 Ω and applying tuning screws, the
response is tuned to the centre frequency of 9.98 GHz, and 8% fractional bandwidth is achieved.
The excellent power linearity of the sensor is demonstrated by the measurement in Birmingham.
The effective efficiency of 89% is obtained from the calibration in NPL. Compared to the power
standards at NPL, the device has a better matching.
The microwave power sensors fabricated in this work are compatible with the existing
calorimetric technique of calibration power sensors. While the available standards for X-band
waveguide have the effective efficiency of 98%, the designed power sensors have lower
efficiencies. The discrepancies can be attributed by the difference of semiconducting behaviour
between the commercial bead thermistors used in this work and the bead thermistors in the
power standards. Nevertheless, the design techniques here can be applied regardless of the type
of bolometric sensing elements. After the calibration at NPL, they can be used as transfer power
standards.
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7.2.

Future Work

Immediate work to complete the experimental demonstrators will be on the fabrication of
platinum thin film for the W-band power senor. At the University of Birmingham, the thin film
can be deposited on SU-8 substrate by evaporation process. An alternative method of pulsed
laser deposition can be performed at the Department of Materials, Imperial College, London.
Thin film of the order of 10 nm can be fabricated [1, 2]. Another promising candidate for the
thin film material can be vanadium oxides (VOx). The VOx thin film has been extensively
studied at the University of Glasgow for terahertz imaging [3, 4]. The material experiences
negative temperature coefficient and the thin film of vanadium oxides could potentially operate
as an NTC thermistor in bolometric power sensors. The use of thin film sensing element can
result in very high effective efficiency of the power sensor as the d-c resistance of the film is
equal to the r-f resistance.
Further development for improving the bandwidth of the power sensor can be performed by the
synthesis of coupling matrix. At the moment, the X-band filter-sensor in Chapter 6 has
significantly larger -20 dB bandwidth compared to the X-band sensor in Chapter 4. However,
the filter-sensor cannot cover all the X-band frequencies from 8.2 GHz to 12.4 GHz because
the device is designed as single band at the centre frequency of 10 GHz. The coupling matrix
optimisation can be used to design multiple band microwave filters [5, 6]. The approach can be
applied for waveguide filter-sensor so that the impedance matching and suitable bandwidths
can be specified at a number of frequencies of interest in the waveguide band.
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Appendix A- Field analysis of Transmission lines
Consider a uniform TEM transmission line in Figure A.1 which consists of two conductors C1
and C2. The electric field and magnetic field on the cross section of the line are E and H . The
voltage and current on the transmission line are V0 e  jz and I 0 e  jz , respectively.

Figure A. 1:

A cross section of an TEM transmission line (taken from [1])

The circuit theory gives the time average stored magnetic energy Wm is related to the selfinductance L as [1]

Wm  L

I0

2

(A.1)

4

In field analysis, the stored magnetic energy in the crossed sectional area S can be derived from
the magnetic field [1].

Wm 



H H
4



ds

(A.2)

S

Combining equation A.1 and A.2 gives

L


I0



2

 H  H ds

(A.3)

S
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where the magnitude of the current can be calculated by Ampere’s law as

I0   H  dl

(A.4)

The integration path is any closed path with in the two conductors
Hence, the expression for the self-inductance per unit length is obtained.


L

  H  H ds
S

 H  dl

(A.5)

2

Similarly, the time average stored electric is written as [1]

We 





E  E ds
4

(A.6)

S

The circuit theory gives [1]

We  C

where V0 

V0

2

(A.7)

4

C2

 E  d l is

integration from the positive conductor to the negative one. The

C1

capacitance per unit length can be found


C

  E  E ds
S

C2

(A.8)

2

 E  dl

C1

The power loss per unit length due to the finite conductivity of the conductors is [1]
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PC 

RS
2

 H H



dl

(A.9)

C1  C2

where Rs is the surface resistance of the conductors, the integration path of PC is over the
conductor boundaries. The series resistance per unit length can be obtained as

R

2 PC
I0

2

 H H

RS



dl

C1  C2



 H  dl

(A.10)

2

The time average power dissipate due to the dielectric loss is [1]

Pd 

 
2



 E  E ds

(A.11)

S

where   in the imaginary part of the complex permittivity of the medium filled between two
conductors. The shunt conductance per unit length can be found as


G

2 Pd
V0

2



  E  E ds
S

C2

2

(A.12)

 E  dl

C1
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Appendix B- Parasitic capacitance of bead thermistors
Consider the bead thermistor in Figure B.1. At a d-c biased condition, the bead inner structure
has the relative permittivity of εr which could be a function of dc bias power on the thermistor.
Assume the uniform distribution of electric charges on the two wires in the thermistor body.
The capacitance between the two wires can be accounted for the non-linear behaviour of the
bead thermistor.

Figure B.1: The bead thermistor structure. The length of the bead is l, the lead wire of the
bead has the diameter of dwire
Gauss’s law states that

 EdS 

Q
 r 0

(B.1)

The electric filed causes by a single wire with uniform charge distribution q along the length l
can be derived from Gauss’s law as
E r  

q
2 r  0 r

(B.2)

The total electric field at point A can be written as
E A r  

q
2 r  0 r



q
2 r  0 (d  r )

(B.3)
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The potential difference between the two wires is

V

d
d  wire



d wire

2

EA  r  dr 

2

 d  d wire 2 
ln 

 r  0  d wire 2 
q

(B.4)

The capacitance is thus written as
Cth 

Q

V

 r  0l
 d  d wire 2 
ln 

 d wire 2 

(B.5)

The equivalent capacitance depends not only on the dimension of the bead, but also the relative
permittivity of the material.as the capacitance changes with d-c bias on the thermistor, the
permittivity is sensitive to the d-c bias power on the bead.
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Figure A. 2Appendix C - The detailed structure of the X-band power sensor
The appendix presents the detailed dimensions of the X-band microwave power sensor designed
in Chapter 4. Figure C.1 shows the structure of the sensor consisting of a PCB and two
waveguide parts, which are shown in Figure C.2, C.3 and C.4, respectively.

Shorted waveguide

Front waveguide

PCB
Figure C.1:

The structure of the X-band power sensor.

Figure C.2:

The PCB of the X-band power sensor.
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Figure C.3:

The shorted waveguide part of the X-band power sensor.
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Figure C.4:

The front waveguide part of the X-band power sensor.
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Appendix D- Thin film nickel manganese developed at the University of Birmingham
Nickel Manganite (NiMn) thin films are being investigated by Prof Tim Button and Shaun
Dorey in the School of Metallurgy and Material, University of Birmingham. The material is
deposited on Alumina substrate having a size10 mm x 10 mm by Pulsed Laser Deposition
(PLD) process. The thickness of the film can be controlled to about 1-2 μm [1].
The Alumina substrates were used in the deposition at 400 0C and at different pressures
(50 mTorr to 250 mTorr). The material has shown NTC thermistor characteristics from 20 0C
to 90 0C, the B constant is about 3000 which is similar to the commercial NTC thermistors.

3.10
400 50mTorr
400 150mTorr
400 250mTorr

Resistance (Ω.cm)

2.60
2.10
1.60
1.10
0.60
0.10

20

30

40

50

60

70

80

90

Temperature (°C)

Figure D.1:

Characteristic of the film thermistor at different conditions.

Figure D.1 shows that the film has negative temperature coefficient (NTC), its resistance
decreases as the temperature increases. However the resistance is very high, and is at about
330 KΩ at 85 0C. The resistivity of the film reduces from 7.49 Ωm at 250C to 1.1 Ωm at 850C.
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A number of attempts have been made to deposit the material on SU-8 substrate. However, the
result shows that SU-8 is not as good as Alumina. The first attempt was to deposit the thermistor
material on 10 mm x 10 mm SU-8 substrate at room temperature (the temperature rises to 31 0C
during deposition) and at 50 mTorr and 150 mTorr Oxygen partial pressure. The resistance of
the thin film is measured at different temperature; the result is depicted on Figure A2 and Figure
A3. It can be seen that the resistance of the film is in the order of Megohms, which is very
resistive compared to the samples on alumina substrate. Secondly, the substrate was damaged
when the temperature rises above 60 0C in the first case and 300C in the second deposition. It
can be concluded that the SU-8 substrate is not suitable for the deposition of Nickel Manganite
thin films by PLD process.

Su8 - 50 mTorr and 30 0C deposition
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Figure D.2: The measurement of the thin thermistor film on Su8 substrate (deposition at
room temperature and at 50 mTorr pressure)
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Resistance of the thin film( MΩ)

Su8 - 150mTorr and 300C deposition
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Figure D.3: The measure of the thin thermistor film on Su8 substrate (deposition at room
temperature and at 50 mTorr pressure)
References
[1]

S. Dorey, "Fabrication and characterisation of nickel manganite thin films by pulsed
laser deposition," ed, 2016.

202 | P a g e

Appendix E- The detailed structure of the W-band power sensor
The appendix presents the detailed dimensions of the W-band microwave power sensor
designed in Chapter 5. The power sensor consists of six layers including front brass plate,
waveguide layer, isolation layer, thin film layer, shorted waveguide layer and back brass plate
as shown in Figure 5.13. The details of each layer is shown in the following figures.

Figure E.1:

The front brass plate of the X-band power sensor.
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Figure E.2:

The waveguide layer of the W-band power sensor
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Figure E.3:

The isolation layer of the W-band power sensor, the thickness is 50 µm
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Figure E.4:

The thin film layer of the W-band sensor, the thickness is 50 µm.
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Figure E.5:

The shorted waveguide layers of the W-band power sensor.
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Figure E.6:

the back brass plate of the W-band power sensor.
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Appendix F - The structure of WR6 power sensor
The WR-6 waveguide power sensor consists of eight layers including front brass plate, front
waveguide layer, front choke layer, isolation layer, thin film layer, back choke layers, short
plane layer and back brass plate layer as shown in Figure 5.28. The detailed dimensions of the
layers are presented in the following figures.

Figure F.1:

The front brass plates of the WR_6 waveguide power sensor
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Figure F.2:

The front waveguide layer of the WR-6 waveguide power sensor.
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Figure F.3:

The front choke layer of the WR-6 waveguide power sensor.
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Figure F.4:
50 µm.

The isolation layer of the WR-6 waveguide power sensor, the thickness is
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Figure F.5:
50 µm.

The thin film layer of the WR-6 waveguide power sensor, the thickness is
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Figure F.6:

The back choke layer of the WR-6 waveguide power sensor.
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Figure F.7:

The short plane layer of the WR-6 waveguide power sensor.
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Figure F.8:

The back brass plate of the WR-6 waveguide power sensor
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Appendix G - The structure of WR-3 waveguide power sensor
The appendix presents the detailed dimensions of the WR-3 waveguide power sensor, which is
discussed in Chapter 5. The power sensor consists of eight layers including front brass plate,
front waveguide layer, front choke layer, isolation layer, thin film layer, back choke layers,
short plane layer and back brass plate layer as shown in Figure 5.28. The structure of the WR3 sensor is similar to the WR-6 design. In fact, the two design have the same front brass plate,
short plane layer and back brass plate as they uses identical waveguide flanges. The dimensions
of the front brass plate, short plane layer and back brass plate of the WR-3 design can be found
in Figure F.1, F.7 and F.8, respectively. The details of the other layers are included in the
following figures.
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Figure G.1:

The front waveguide layer of the WR-3 waveguide power sensor
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Figure G.2:

The front choke layer of the WR-3 waveguide power sensor
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Figure G.3:

The isolation layer of the WR-3 waveguide power sensor
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Figure G.4:

The thin film layer of the WR-3 waveguide power sensor
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Figure G.5:

The back choke layer of the WR-3 waveguide power sensor.
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Appendix H - The method of extracting the external quality factor Qe for a lossless
resonator
The appendix present the method of extraction of the external quality factor based on a twoport measurement of a resonator as shown in Figure H.1. The lossless resonator is presented by
the parallel LC circuit. The external ports coupled with the resonator are presented by the
conductance G1 and G2. In order to have a very weak coupling at the second port, the
conductance G2 should be very large compared the conductance G1, the inductance and
capacitance of the circuit.

Figure H.1: The equivalent circuit of the extraction of the external quality factor Qe, port 2
is weakly coupled to the LC circuit (i.e. G2 >> G1, L and C)
The input admittance of the resonator can be written as

Yin  jC 

The resonant of the circuit 0  1

1
j L

 G2

(H.29)

LC and the approximation ( 2  02 ) /   2 are

substituted in the input admittance equation, we have

Yin  j0C

2

0

 G2

(H.30)

The reflection coefficient S11 at the first port of the resonator is
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0C 2 G2

G1  Yin
G1 0
G1
S11 

G1  Yin 1  j 0C 2  G2
G1 0
G1
1 j

(H.31)

The external quality factor at the excitation port of the resonator Qe  0C / G1 , we obtain

 G2 
2
1 
  jQe
G1 
0
S11  
 G2 
2
1 
  jQe
0
 G1 

(H.32)

The transmission coefficient S21 can be calculated as
2

S21  1  S11

2

(H.33)

The magnitude of S21 is then given by

2
S21 

G2
G1

 2 
1   Qe

0 


(H.34)

where the assumption G2 >> G1 has been applied
At the resonant frequency Δω = 0, the transmission coefficient reaches it maximum values.
Note that S21(ω0) in dB is well below 0 level due to G2 >> G1. The magnitude of S21 reduces
3 dB, when the frequency shifts such that

Qe

2

0

 1

(H.35)

The 3 dB band width of S21 can be defined as

3dB      (  0 )  (0   )

(H.36)

where S21(ω+) = S21(ω-)= S21(ω0) – 3 (dB), hence
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3dB 

0
Qe

(H.37)

With a given S21 response of the circuit in Figure 6A.1, the external quality factor at port 1 can
be calculated as

Qe 

0
3dB

(H.38)
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Appendix I – The method of extracting the quality factor Q0 for a lossy resonator
The appendix present the method of extraction of the external quality factor based on a oneport measurement of a lossy resonator as shown in Figure I.1. The lossless resonator is
presented by the parallel GLC circuit. The external ports coupled with the resonator are
presented by the conductance Ge.

Figure I.1:

The equivalent circuit of the one port measurement of the quality factor Q0

The input admittance of the resonator can be written as

Yin  jC 
The resonant of the circuit 0  1

1
j L

G

(I.39)

LC is substituted in the input admittance equation, we have
Yin  G 1  jQ0    

(I.40)

where the unloaded quality factor Q0 is defined as

Q0 

C

(I.41)

G

( )  1 

02
2

(I.42)

The reflection coefficient S11 at the first port of the resonator is
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Yin
G
1  1  jQ0    
Ge
Ge
S11 

Y
G
1  in 1  1  jQ0    
Ge
Ge
1

(I.43)

The coupling coefficient β is defined as the ratio of the resonator conductance G to the port
conductance Ge, the reflection coefficient can be rewritten as

S11 

(1   )  jQ0   
(1   )  jQ0   

(I.44)

At the resonant frequency Δ(ω = ω0) = 0, hence

S11 (0 ) 

1 
1 

(I.45)

Note that the coupling coefficient β relates to the power dissipated externally Pe and internally
P0 to the resonator, thus it can be referred to the external quality factor and the unloaded quality
factor of the resonator as follows



P0 Qe

Pe Q0

(I.46)

Substituting equation I.7 to equation I.6, the amplitude and phase of the reflection coefficient
can be obtained as
2

S11 (0 ) (1   ) 2  Q02  2 ( )
S11 ( ) 
(1   )2  Q02  2 ( )
2

(I.47a)

 Q0 ( ) 
1  Q0 ( ) 
  tan 

 1  
 1  

11    tan 1 

(I.9b)

In equation I.9, β can be determined from the magnitude of the reflection coefficient as



1  S11 0 

1 S11 0 

(I.48)
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There are two possible values of β, one being greater than unity and the other being less than
unity. The resonant circuit is called under-coupled, if β <1. If β >1, the resonance is referred
as over-coupled [1]. The value of β can be determined by observed the gradient of the phase
at the resonant frequency, differentiating equation I.9b gives

2Q 2
d
 0
d  0 0 1   2

(I.49)

If the gradient is positive, then β < 1; if the gradient is negative, then β > 1 [1].
The unloaded quality factor Q0 can be obtained from equation I.9a as

1 
Qer 
( )

2

S11 ( )  S11 (0 )
1  S11 ( )

2

2

(6B.50)
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Appendix J – The construction of the X-band filter-sensor
The appendix presents the detailed dimensions of the X-band microwave power sensor with
integrated third order Chebyshev filter function designed in Chapter 6. Figure J.1 shows the
structure of the sensor consisting of a PCB and two waveguide parts. The details dimensions of
the components are shown in Figure J.2, J.3 and J.4, respectively.

Figure J.1:

The structure of the X-band filter-sensor.

Figure J.2:

The PCB of the X-band filter-sensor
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Figure J.3:

The shorted waveguide part of the X-band filter-sensor
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Figure J.4:

The front waveguide part of the X-band filter-sensor.
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The Designs of Microwave Power Sensors for
Transfer Power Standards
Duc D. Dinh, and Michael J. Lancaster, Senior Member, IEEE

Abstract— This paper presents two techniques for the design of
microwave bolometric power sensors for transfer power standards
in waveguide. A conventional design technique based on
transmission line theory is explained and generalized. An X-band
waveguide power sensor using a small bead thermistor is designed
to validate the proposed technique. The sensor was fabricated and
measured, and excellent linearity and high effective efficiency of
the design were obtained. In order to add more flexibility in
selecting frequency and bandwidth of the conventional approach,
a novel design of microwave power sensor with integrated filter
function is described. An analytical power sensor synthesis
technique using the coupling matrix is presented here for the first
time. An X-band power sensor with integrated third order
Chebyshev filter function was designed and manufactured.
Measurements are in good agreement with simulation and
theoretical expectation.
Index Terms— power standards, power measurements,
thermistor power sensor, X-band, waveguide, resonator, filter,
coupling matrix.

INTRODUCTION

R

ESEARCH and development of millimetre wave systems
requires accurate supporting measurements and power is
one of the primary standards. In power measurements, the
traceability to the Watt is critical. In order to provide
traceability of high frequency power, two basic building blocks
are needed, one is traceable microwave power sensors and the
second is calorimeters to calibrate the former [1]. The
calorimeters are often developed at National Measurement
Institutes (NMIs) [2]. State of the art power standards exist in
the form of coaxial and waveguide sensors, where the latter
tends to serve at higher frequencies than the former. The coaxial
calorimeters and power standards of this type are generally
available up to 50 GHz [3, 4]. In the waveguide form, microcalorimeters up to 110 GHz have been developed [5, 6]. It is
also known that several NMIs, such as in Japan [7-10] and in
China [11-13], are actively developing their own microcalorimeters up to and above 110 GHz to support domestic
industrial and scientific measurement requirements.
The transfer standards of micro-calorimeter calibration are
based on waveguide thermistor power sensors manufactured by
Hughes and subsequently by Millitech [11,14] and the

This work was supported by the University of Birmingham, The UK
National Physical Laboratory and the UK Science and Engineering Research
Council.

thermistors are becoming increasingly rare as they are now out
of production [6].
Modern commercial microwave power sensors are currently
available up to 110 GHz (coaxial) and 1.1 THz (waveguide),
but they are not suitable as direct traceable transfer standards.
Their detection principle, based on rectification of low barrier
Schottky diodes or direct heating effect of thermocouples, is
incompatible with the existing calorimetric method. In the past,
a millimetre wave power standard for the WR-6 waveguide
band has been developed [15,16], but a detailed uncertainty
calculation towards traceability has not been published. A
traceable power sensor at 94 GHz was developed earlier [17],
and the sensor is commercially available, but it is suited to free
space power measurement rather than in waveguide [6].
This paper presents two design techniques of waveguide
bolometric power sensors for transfer standards, they are not
only suitable for use at high frequencies (> 110 GHz) but also
at lower frequencies (< 75 GHz). These designs fill the gap left
by the discontinued production of commercial thermistor
sensors in waveguide frequency bands.
The power detector often consists of a sensing element, a
mount to accommodate the element and a meter circuit to
provide reading of the incident microwave power. The sensing
element of the bolometer is capable of dissipating the incident
microwave power and then turning the heat into a change in
resistance [18, 19]. The amount of applied microwave power
can be determined from the d-c substitution power to
compensate the resistance change. The most popular sensing
element of bolometer sensors is the Negative Temperature
Coefficient (NTC) thermistor. The bolometer mount, or
microwave transmission line housing, is probably the most
challenging aspect in designing bolometric sensors for
microwave power measurement. The essential requirement of
the mount is that its impedance should be closely matched to
the characteristic impedance of the transmission line [2]. The
meter circuit is often an auto-balancing bridge circuit, which
not only maintains the sensing element in the operating
resistance range of the mount, but also extracts the changes,
providing meaningful reading of absorbed microwave power.
In this paper, section II introduces the first sensor design
technique based on transmission line theory. The technique is
applied to design an X-band thermistor power sensor. Section
D. D. Dinh and M. J. Lancaster are with the Department of Electronic,
Electrical and Systems Engineering, University of Birmingham, Birmingham
B15 2TT, U.K. (email: ddd917@bham.ac.uk; m.j.lancaster@bham.ac.uk)
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III presents a novel design of power sensor integrated with
microwave filter. The design approach is illustrated by the
design of a power sensor having third order Chebyshev filter
response. Measurements of the two sensors and discussions are
presented in section IV, and finally conclusions are given in
section V.
MICROWAVE POWER SENSOR DESIGN BASED ON TRANSMISSION
LINE THEORY

The design of waveguide bolometers can be based on
transmission line theory. It believed that the technique was
applied in previously published designs up to 94 GHz [20-24],
but it has not been explicitly documented in the literature. The
mathematics of the design principle is therefore briefly
presented here. The design procedure for an X-band bolometric
sensor is then introduced.
The conventional design technique
A waveguide bolometer traditionally consists of a sensing
element mount which is placed at an appropriate distance from
the shorted end of the waveguide. The waveguide bolometer
can be presented in terms of the transmission line model shown
in Fig. 1. The characteristic impedance of the line/waveguide is
Z0 and the propagation constant is β at the operating frequency
f0. The shorted end of the line is represented by the zero load
impedance ZL = 0. The impedance of the mount is R + jX. It is
important to note that the mount impedance is the total
impedance of the sensing element and the structure that
accommodates the element. The transmission line length ls
relates to the distance between the mount and the shorted end
of the line/waveguide.
Here we will assume a lossless transmission line which is
valid for most practical transmission lines/waveguides. The
impedance matching results in zero reflection coefficient Γl at
the mount as shown in Fig.1. The reflection coefficient Γl can
be calculated as
Z  Z0
Γl  l
0
(51)
Zl  Z 0
where Zl is the total impedance at z = ls looking toward the load.
The corresponding admittance is obtained as
1
1
1
(52)
Yl 


Zl R  jX jZ 0 tan   ls 
Solving the (1) and (2) for the mount resistance R and the
mount reactance X, assuming R and X cannot be zero gives

R 1
 1  cos(2 ls ) 
Z0 2

(53a)

X
1
  sin  2 ls ) 
(3b)
Z0
2
The expressions present the relationship of the mount
resistance R and the mount reactance X to the electrical length
ls which can be used to provide the required matching i.e. no
power being reflected. For this work the impedance of the
mount (R+jX) has been found by simulation of the structure
mounted centrally in a waveguide section and calculating it

Fig. 1. Equivalent transmission line circuit of a waveguide bolometer.
Impedance matching gives zero reflection coefficient at the open end and the
mount of the sensor.

Fig. 2. Equivalent circuit of an RF thermistor [26].

from the resulting S-parameters. This technique is described in
the Appendix.
In practice, the impedance of the mount depends on
parameters such as the operating resistance and its physical
dimensions. In order to find the appropriate parameters at
matching condition, equations (2) and (3) can be used to
calculated the lengths lR and lX which are related to the
resistance and the reactance of the mount as follows

lR 

 2R 
1
arccos 1 

2
 Z0 

(54a)

 2X 
1
arcsin  
(4b)

2
 Z0 
When they are equal perfect matching is obtained, the
convergence of the two lengths suggests the corresponding
matching values of the parameters. This approach is
exemplified in the following design of X-band sensor.
lX 

The design of X-band sensor
This section presents the design of a microwave power
sensor in X-band waveguide, which is based on the technique
described above. Microwave power sensors traditionally use
NTC thermistors for frequencies up to 50 GHz [18, 23]. The
centre frequency of the X-band sensor is designed at 10 GHz.
The small bead thermistor from Sensor Scientific [25] was
used here. The bead has the body diameter of 0.36 mm and the
nominal length of 0.5 mm, the diameter of the platinum alloy
wire is 0.028 mm. The room temperature (at 25 0C) resistance
of the thermistor is 1000 Ω. At the operating condition, the
thermistor resistance should be biased by d-c power down to the
operating resistance of 200 Ω which is a very popular value and
compatible with commercial power meters. For theoretical
analysis and simulation purposes, the bead behavior can be
modelled over a broadband frequency range by the equivalent
circuit in Fig. 2 [26]. Rth is the d-c resistance of the thermistor.
Lwire and rwire are parasitic elements of the thermistor wires. The
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Fig. 3. Estimated capacitance Cth of the Sensor Scientific bead thermistor at
different d-c biased thermistor resistance.

Fig. 4. (a) The section in the waveguide of the PCB accommodating the bead
thermistor, the soldering area has the width w1 = 0.5 mm; (b) the cut view to
show how the thermistor is soldered on the PCB; (c) The two port simulation
of impedance extraction for the thermistor mount.

capacitance Cth represents the non-linear capacitive behavior of
the inner structure of the bead thermistor.
The value of Cth depends on the thermistor body condition
such as temperature and the d-c resistance of the bead. The selfcapacitance of the bead body can be calculated by

Cth 

 r  0l
ln  d  d wire 2   ln  d wire 2 

(55)

where εr is the relative permittivity of the inner body material
of the bead thermistor, the permittivity is assumed to have a
non-linear relationship with the bead temperature. l and d are
the length and the width of the bead, respectively. dwire is the
diameter of the connecting wire. dwire is very small compared to
d, hence the capacitance is approximately equal to ɛrɛ0l/ln(d).
The derivation of (5) is based on the calculation of the
capacitance between two parallel wires in a dielectric
medium [27].
For the chosen thermistor, we have no information on ɛ r,
however in the work of Kazemipour [26], the self-capacitance
was estimated at different resistance values from the measured
scattering parameters of the bead thermistor. Note that the
thermistor used by Kazemipour and the thermistor used in this
design are different in size, with l =0.228 mm and l =0.5 mm,
respectively. However, the capacitance Cth of the Sensor
Scientific thermistor can be estimated from the values of the

Fig.
Fig.5.5. The
Thegraph
graphofofthe
theeffective
effectivelength
lengthlRlRand
andlXlXatatdifferent
differentwidths
widthsw.
w.

capacitance measured by Kazemipour [26]; this of course
assumes that the two thermistors are of similar construction.
The factor of ɛrl/ln(d) can be used to scale the Cth of the two
bead thermistors. With the assumption that the relative
permittivities are equal at the same resistance of the thermistor,
the equivalent capacitance of the Sensor Scientific thermistor
can be estimated at different d-c resistance, the result is shown
in Fig. 3. At the chosen operating resistance of 200 Ω, the selfcapacitance of the thermistor is about 0.117 pF. The equivalent
circuit of the bead in Fig. 2 can now be used together with a full
wave simulation of its mount to determine the mount
impedance Z = R + jX using the technique discussed in the
Appendix.
For simulation (and experiment), the bead thermistor is
mounted on a double-sided PCB as shown in Fig. 4(a). The PCB
is made from RT/duroid 6010.2LM from Rogers corporation
[28]. The relative permittivity of the substrate is 10.2, the PCB
thickness is 127 µm, and both sides are clapped with 17.5 µm
copper. Fig. 4(a) shows only the section of the PCB which is
inside an X-band rectangular waveguide, varying the width w
of the copper track can adjust the mount impedance. In the
centre of the PCB, a hole is drilled with 0.8 mm diameter for
the thermistor to be accommodated. The two connecting wires
of the bead thermistor are soldered on the upper and lower sides
of the PCB as shown in Fig. 4(b). In simulation, the bead is
modelled by the parallel circuit of Rth and Cth (shown inside the
red dotted area in Fig. 2), the connecting wires of the thermistor
are modelled by their physical construction (rather than the
green dotted areas in Fig. 2) as the dimensions and the material
of the wires can be explicitly used in the full wave simulation.
The full wave simulator used is CST microwave studio [29].
The first part of the design is to determine the normalized
impedance of the mount, a description of how to do this is given
in the Appendix. In CST, the mount described above is placed
in the middle of the X-band waveguide with a total length of
two guided wavelengths (2λg) at 10 GHz. This is illustrated in
Fig. 4(c). Only the vacuum filling of the waveguide is presented
in the figure, the surrounding material is set as Perfect Electric
Conductor (PEC), and the two ends of the waveguide are
connected to matched waveguide ports.
The normalised impedance of the mount can be obtained
from the simulated reflection coefficient and hence lR and lX can
be found from 4(a) and 4(b). By varying the width w of the
PCB, the values of the length lR and the length lX can be
calculated at each value of w. The results are plotted on Fig. 5.
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Fig. 6. The structure of (a) the X-band power sensor and (b) the PCB
accommodating the bead thermistor.

Fig. 7. The simulation result of the X-band power sensor.

Fig. 8. (a) The topology of an n direct-coupled resonator band-pass filter
network where Mij is the coupling coefficient between resonators and Qe is the
external quality factor of the first and last resonators to the ports, (b) The
topology of the power sensor integrated band-pass filter function.

Fig. 9. (a) The sensor-resonator structure realized by adding a capacitive iris
to the conventional power sensor structure discussed in section II, (b) The
topology of the sensor-resonator.

MICROWAVE POWER SENSOR DESIGN BASED ON COUPLING
The change in the width of the PCB track mostly affects the
reactance of the mount. As a result, there is a noticeable rise in
the reactance effective length lX while the length lR stays almost
unchanged. The lengths are equal at the width w of 2.33 mm
and the corresponding shorted electrical length ls of 16.92 mm.
Now that the optimal mount structure is known, the entire
structure can be simulated, and this is presented in Fig. 6(a).
There are two separate parts of the waveguide. The front part is
a conventional X-band waveguide, and the second part is a
shorted waveguide with the determined short length ls. Due to
the fabrication limitation of the milling tool, there are round
edges of 0.5 mm in radius at the shorted end.
The double sided PCB, shown in Fig. 6(b), is positioned
between the two waveguide parts. Semi-circular electrodes are
added to the PCB shown in Fig. 4(a) to enable a bias to be
applied to the thermistor. The separation of 1 mm between the
upper and lower electrodes is to create electrical isolation.
With the determined dimensions w and ls, the simulated
response of this sensor structure is obtained, this is shown in red
in Fig. 7. The centre frequency of the response is at 9.932 GHz.
The deviation in the centre frequency is attributed by the round
edges in the shorted wave guide and the gap introduced by the
PCB between the two waveguide flanges. Now the centre
frequency is optimized in CST to 10 GHz by adjusting the short
length ls to 16.76 mm. The optimum S11 gives the narrow
bandwidth of 145 MHz for 20 dB return loss or 200 MHz for
15 dB return loss. The comparision of the pre-optimizes or intial
respose and the optimsied response is shown in Fig. 7.
The fabrication and measurement of the X-band sensor is
presented in section IV.

MATRIX SYNTHESIS

This section discusses the integration of a power sensor with
a filter structure, this is in order to control and consequently
improve the bandwidth of the sensor in the previous design. A
bandpass filter can be represented by a series of coupled
resonators as show in Fig 8(a). Here we assume there is no cross
coupling between the resonators and the coupling shown can
represent, for example, a Chebyshev filter. The conventional
power sensor is integrated with the filter structure. Techniques
based on the use of the coupling matrix can be used to design
the filtering-sensor. The X-band sensor with integrated 3rd order
filter function is designed by the proposed technique.
The design of bolometric sensor with integrated filter function
It should be noted that the sensor discussed in section II is
indeed a resonator at the designed frequency f0. In order to be
coupled with other waveguide resonators to make a filter, an iris
should be added to the structure while preserving the existing
resonance. Fig. 9(a) shows an example of the realization of the
sensor-resonator by adding a capacitive iris. Note that other
types of irises are also possible. The mount of the sensing
element is placed at equal distance Ls to the shorted end and to
the iris.
In terms of quality factors of the sensor-resonator, there is no
loss in the dielectric and no radiation. The unloaded Q of an
Aluminum X-band cavity with the length of about a half guided
wavelength is approximately 11450 [30], hence the conductor
loss is negligible. Therefore, the total unloaded quality factor
Q0 of the sensor-resonator should be equal to the quality factor
Qer which is the Q associated with the power loss due to the
absorption of the resistive sensing element in the cavity.
The power absorbed by the sensing element can be
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considered as an output with the power going to the element
rather than a conventional output port. This arrangement is
shown in Fig. 9(b). In this topology, the quality factor Qer has
the role of the external quality factor of the equivalent
resonator, the unload quality Q’0 can be taken as infinity.
As a result, the topology of the integration of the sensorresonator with the filter topology in Fig. 8(a) can be presented
in Fig 8(b), where the last resonator and the load of the filter are
replaced by the sensor-resonator. The device described by the
above topology is called filtering-sensor in this paper.
The topology of the filtering-sensor is similar to the n
coupled resonator filter circuit, thus, it can be described by the
[A] matrix as [31]

 A  q  p U   j m

(56)

where [q] is n × n matrix containing the scaled external quality
factor qe1 and qer
0 
1 qe1 0
 0
0
0 
(57)
 q   



0
1 qer 
 0
[U] is n × n identity matrix and p is the complex low-pass
frequency variable. FBW is the fractional bandwidth.

Fig. 10. (a) Equivalent topology of third order Chebyshev filtering-sensor; (b)
the structure of the filter-sensor is very similar to the structure of the X-band
sensor, the PCBs in the two sensors has similar design.

1   0 
(58)
  
FBW  0  
The general coupling matrix [m] denotes the normalised
coupling coefficient between resonators.
p j

 m11
m
 m   21

 mn1

m1n 
m2 n 
(59)


m n2
mnn 
The reflection coefficient S11 can be calculated by [31]
m12
m22


2
1 
S11   1   A11 
(60)
 qe1

It is worth mentioning that the filter-sensor is in fact a one
port device, hence the calculation of S21 by coupling matrix,
although possible, does not have a useful meaning.
The quality factors and coupling coefficients are related to
the normalised quantities in the matrix [A] as follows
qei
(61)
M ij  mij  FBW
FBW
It is now possible to calculate a coupling matrix for the
filtering-sensor with the usual algebraic operations [31]. The
design of the sensor can now be treated in the same manner as
designing microwave filter. Here we look at a simple
Chebyshev filter, but more complex filters are possible.
Qei 

The design of X-band sensor having 3rd order Chebyshev filter
function
In this section, the design of an X-band power sensor with
integrated third order Chebyshev filter function is presented.
The equivalent topology of a third order filter sensor is shown
in Fig. 10(a), in which the third resonator is the sensor-resonator

Fig. 11. The optimized response in red of the filtering-sensor from simulation
compared to the response derived from the coupling matrix in dashed green,
the response of the sensor before optimization is shown in black.

with the equivalent external quality factor Qer as discussed
previously. The coupling between the resonators is realized by
capacitive irises as shown in the structure of the filtering-sensor
in Fig. 10(b).
The bead thermistor used in the sensor-resonator is the same
as the one used in the sensor design in section II. The filteringsensor is designed to have 8% FBW at the centre frequency of
10 GHz, the maximum return loss in the pass-band is 20 dB.
The general coupling matrix of the senor is similar to that of a
third order Chebyshev band pass filter [31] which are Qe = Qer
= 10.645 and M12 = M23 = 0.083.
The external quality factor Qe and the coupling coefficients
Mij are extracted from a waveguide simulation by a technique
described in [30]. The equivalent quality factor Qer of the
sensor-resonator can be obtained by the technique of extracting
quality factor by one port measurement technique discussed in
[32]. This will find the sizes of coupling irises and the shape of
the probe mount which corresponds to the coupling coefficients
and external quality factors. The external quality factor Qe and
the coupling coefficient M12 and M23 can be calculated at
different values of the iris width and the corresponding length
of the rectangular waveguide resonator [30]. Using this
technique the dimensions of the first two resonators in
Fig. 10(b) are d1 = 5 mm, d2 = d3 = 2.6 mm, L1 = 22.41 mm and
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Fig. 13. The measured reflection coefficient of the X-band sensor designed in
section II at 200 Ω and 400 Ω operation, the simulated response at 200 Ω
resistance is also shown.

Fig. 12. (a) Half of the waveguide structure and (b) the fully assembled
structure of the fabricated X-band power sensor, (c) half of the waveguide
structure and (d) the fully assembled structure of the fabricated X-band sensor
integrated with third order Chebyshev filter.

L2 = 21.36 mm. The equivalent external quality factor Qer can
also be estimated at different PCB width w when the thermistor
resistance is 100 Ω and the corresponding self-capacitance is
0.144 pF as shown in Fig. 3. The initial dimensions of the
sensor-resonator are w = 3.5 mm and Ls =15.45 mm.
The simulated response of the filtering-sensor in Fig. 10(b)
is obtained, this is shown in Fig. 11. The response is then
optimized by CST as shown in Fig. 11 with the resulting
dimensions L1 = 24.19 mm, L2 = 23.37 mm, Ls =15.10 mm,
d1 = 5.44 mm, d2 = 3.12 mm, d3 = 4.54 mm and w = 3.51 mm.
The optimized response of the filtering-sensor is in excellent
agreement with the computed response obtained from the
coupling matrix analysis. The fabrication and measurement of
the device is presented in the next section.
MEASUREMENTS & DISCUSSIONS
The waveguide parts are made from two halves with the cut
on E-plane as shown in Fig. 12(a) and 12(c). The PCB is
clamped in the middle of the two aluminum waveguide parts by
four bolts. At the back of the shorted waveguide part of the Xband sensor, there is an M4 screw for tuning. The X-band
filtering-sensor has four M2 tuning screws, one each at the two
conventional resonators and two at the sensor-resonator. The
red cable is connected to the shorted waveguide part and the
blue cable is connected to the front, input waveguide of the
sensor. The d-c bias can be applied to the thermistor through
these wires.
Measurement of reflection coefficients
Without using tuning screws and with the holes for them
absent, the measured reflection coefficient, when the thermistor
is biased to 200 Ω, has the minimum of -21.53 dB at 9.88 GHz
as presented in Fig. 13. The measured response has the similar
shape to the simulated response, but the centre frequency is
slightly lower than the designed 10 GHz. The difference
between the simulation and the measurement can be attributed

Fig. 14. The measured response of the X-band filter-sensor design in section
III at 100 Ω and 150 Ω operation. The simulated response of the third order
filter-sensor is shown in black for comparison.

to a number of factors such as (i) the errors in the dimensions
of the fabricated PCB and waveguide and (ii) the approximation
of the bead thermistor model in the simulation. The simulation
with measured dimensions of the fabricated sensor shows a
negligible difference from the simulated sensor response.
Therefore, the estimation of the non-linear behavior of the bead
thermistor is the main contribution to the discrepancy between
simulation and measurement results. As show in Fig. 13 the
centre frequency of the sensor can be tuned to 10 GHz by
biasing the operating resistance of the thermistor to 400 Ω and
applying tuning screws giving a minimum of S11 of -23.5 dB.
The measured reflection coefficient of the X-band filteringsensor response at 100 Ω operation is shown in Fig. 14. This
response is with a structure with no tuning screws. The filteringsensor has the characteristic response of a third order filter.
However, the return loss in the pass band is about 15 dB.
Similar to the measurement of the X-band sensor, the
discrepancy can also be attributed by the approximation of the
equivalent bead thermistor circuit components. By adjusting the
thermistor resistance to 150 Ω and adding tuning screws, the
pass-band of the reflection coefficient can be brought down
below -20 dB and the centre frequency tuned response to 9.98
GHz. Here the -20 dB band width is about 800 MHz.
Measurement of power linearity
A perfectly linear RF power sensor is one whose output
varies in direct proportion to a change in input power. The
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relationship between the d-c substitution power (output) and the
incident microwave power (input) is investigated here for the
case of the bolometric sensors.
The d-c power needs to be reduced by enough to maintain the
operating resistance at R0 when the microwave power is
dissipating on the thermistor. The d-c substitution power can be
calculated as
V 2  Von2
(62)
Psub  off
R0
where Voff and Von are the voltage across the thermistor before
and after being exposed to microwave power.
A measurement setup was built to observe the d-c
substitution power on the bead thermistor at different
microwave input powers. A 3 dB coupler is used to split the
input power from a signal generator at 10 GHz so signals go to
both its through port and coupled port. The coupled port is
connected to a coaxial power meter by a coax to waveguide
adapter. The sensor is connected to the through port of the
coupler. By monitoring the power meter at the coupled port, the
incident power to the sensor is known.
The X-band sensor and the X-band filtering-sensor are
measured at different input power levels up to 10 mW. At each
level, the substitution d-c power is recorded. The X-band sensor
operates at 400 Ω and the X-band filtering-sensor operates at
150 Ω. The linearity of the substitution power to the incident
power can be mathematically evaluated by the linear regression
algorithm. In both cases, the correlation coefficient r of the
regression is 0.9999 and the common error variance σ are very
small, 4.85×10-3 and 17×10-3 for the X-band sensor and the Xband filter sensor, respectively. As a result, both designed
sensors are designated linear with respect to the incident
microwave power.
Sensor calibration
The calibration factor and effective efficiency at 10 GHz of
the sensors were determined by the measurement with the Xband multistate reflectometer[33]. The results are shown in
Table I.
The effective efficiency of thermistor power sensor is often
less than 100 % because of (i) microwave leakage and/or (ii) a
fraction of absorbed power dissipating outside the thermistor
bead. The potential microwave leakage is at the gap introduced
by the PCB between the two waveguide sections and the
contacts between the PCB and waveguide flanges and there are
also possibilities of power being absorbed in the waveguide
section, the PCB track and the soldered contacts. In this
particular case, the leakage is very small because the air gap
(about 20 µm) and the PCB thickness (127 µm) are small as
compared to the waveguide size of 22.86 mm ×10.16 mm. The
microwave leakage is estimated at about 1% of the incident
power by CST simulation. The power absorbed in the
aluminum waveguide and copper PCB is negligible compared
to the dissipated power at the thermistor, as their resistances are
small compared to the thermistor resistance. Therefore, the
main reason here is believed to be at the thermistor. The
thermistor resistance consists of the contact resistances and the

TABLE I
THE RESULTS OF THE CALIBRATION

Device
VRC
Calibration factor
Effective efficiency

X-band sensor
(400 Ω)
0.073∠24.1450
0.8494
85.4%

X-band filter-sensor
(150 Ω)
0.037∠163.830
0.8877
88.90%

semiconductor resistance which is sensitive to temperature. At
d-c and low frequency operation, the semiconductor resistance
is dominant. At high frequency, the effective capacitance Cth
(see Fig. 3) tends to shunt the semiconductor resistance, so that
the effective resistance of the bead gets smaller and the contact
resistance including the inner wires inside the bead and the
protective glass layer of the bead becomes comparable to it. For
instance, the effective resistance of 200 Ω thermistor in Fig. 2
at 10 GHz is 63.26 Ω, note that the self-capacitance value in
this example is 0.117 pF, while the wire resistance of the bead
alone at 10 GHz is about 2 Ω with the effect of the skin depth
accounted for. Thus, the absorbed microwave power is not
entirely dissipated in the semiconductor part of the thermistor.
The phenomenon was discussed in Collard’s work [34]. In
order to archieve high effective efficiency, the sensing elements
such as thermistors need to be carefully design so that the
parasitic parameters can be minimized at high frequency
operation.
CONCLUSION
Two design techniques of the microwave power sensors are
presented. The techniques are realized by the designs of a
conventional X-band power sensor and an X-band filteringsensor. Both sensors are compatible with the current
calorimetric technique of calibration for power standards. The
first design provides a narrow band response at one centre
frequency. The second design, based on coupling matrix
synthesis, utilizes the advantage of a controlled bandwidth
through an implicit filter design. The two sensors designed in
this paper have the same centre frequency in order to provide a
comprehensive comparison between the two approaches. The
measurements of the sensors agree with theoretical expectation.
The power linearity of the sensors is proven. High effective
efficiencies are obtained. Both design approaches are validated.
The presented design techniques are promising for designing
transfer power standards at much high frequencies, as they can
be applied regardless of the type of the sensing element.
APPENDIX
In the design we are required to find the impedance of the
thermistor and mount by simulation so that the impedance can
be used in the transmission line calculations outlined in
section II. In order to do this we simulate the mount placed in
the centre of a waveguide section. In this work, we take the
length of the line to be two wavelengths (2λ), and the
characteristic impedance of the line Z0. At each end of the
transmission line, there is a matched port to measure the
complex reflection coefficient Г. The reflection coefficient at
the load is equal to that at the measurement port, i.e. Γ.
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The reflection coefficient at the load can be calculated in
terms of impedances as
Z  Z0
Γ P
(63)
ZP  Z0
where ZP is the total impedance at the centrally located mount
i.e. Zp = ZZ0/(Z+Z0). Solving (13) for the normalized impedance
Z/Z0 gives
Z
1 Γ

(64)
Z0
2Γ
So once Γ is known from the simulation then the complex
impedance of the mount Z can be ascertained.
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